Summary

The miniaturization of microwave components is one of the challenges of
present and future communication devices. For this reason, this thesis is focused
on the study of new miniaturization strategies for planar non-radiating microwave
components. Throughout this work, different miniaturization approaches have
been applied to the design of several microwave components such as multi-band
devices and filters, including also electronically tunable implementations.

To obtain the required compact sizes and/or multi-band functionality, new
artificial lines based on the semi-lumped open split ring resonators (OSRRs) and
open complementary split ring resonators (OCSRRs) are proposed. Firstly,
composite right-left handed (CRLH) transmission lines are presented, applying
such lines to the design of dual-band impedance inverters and Y-junction power
dividers, as well as wideband band pass filters. In addition, by combining these
resonators with additional semi-lumped components, extended composite right-left
handed (E-CRLH) transmission lines are also reported and applied to implement
quad-band impedance inverters, power dividers, branch-line couplers and dual-
band band pass filters. To demonstrate and validate its functionality, different
proof-of-concept demonstrators for all the aforementioned devices are
implemented and fabricated, where a good agreement between simulations and
measurement is obtained. Furthermore, the circuit models and the design
methodology for all the presented devices are also reported, based on a
parameter extraction method. Through this method it is demonstrated that the
circuit models provide an accurate description of the considered structures.

The tunability of such CRLH lines is also analyzed by means of barium-
strontium-titanate (BST) thick-films. With this approach, a tunable CRLH line with
simulated and measured tunability range of 36.6% is demonstrated. Once this
approach is experimentally validated, the previously presented mono-band and
dual-band components based on the CRLH lines are provided with this tunability,
exploring both its methodology and limitations.

Finally, new compact filters with sharp responses are also presented based on
stepped-impedance-resonators (SIRs) coupled to coplanar waveguide (CPW) host
transmission lines. After analyzing the isolated resonator and its circuit model,
elliptic-type low pass and high pass filters, as well as band pass filters with
transmission zeros are designed through the conventional filter theory, where a
high-degree of compactness as well as good performance is demonstrated.
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Summary

The miniaturization of microwave components is one of the challenges of present and
future communication devices. For this reason, this thesis is focused on the study of
new miniaturization strategies for planar non-radiating microwave components.
Throughout this work, different miniaturization approaches have been applied to the
design of several microwave components such as multi-band devices and filters,
including also electronically tunable implementations.

To obtain the required compact sizes and/or multi-band functionality, new artificial
lines based on the semi-lumped open split ring resonators (OSRRs) and open
complementary split ring resonators (OCSRRSs) are proposed. Firstly, composite right-/
left-handed (CRLH) transmission lines are presented, applying such lines to the design
of dual-band impedance inverters and Y-junction power dividers, as well as wideband
band-pass filters. In addition, by combining these resonators with additional semi-
lumped components, extended composite right-/left-handed (E-CRLH) transmission
lines are also reported and applied to implement quad-band impedance inverters,
power dividers, branch-line couplers and dual-band band-pass filters. To demonstrate
and validate its functionality, different proof-of-concept demonstrators for all the
aforementioned devices are implemented and fabricated, where a good agreement
between simulations and measurement is obtained. Furthermore, the circuit models
and the design methodology for all the presented devices are also reported, based on
a parameter extraction method. Through this method it is demonstrated that the circuit
models provide an accurate description of the considered structures.



SUMMARY

The tunability of such CRLH lines is also analyzed by means of barium-strontium-
titanate (BST) thick-films. With this approach, a tunable CRLH line with simulated and
measured tunability range of 36.6% is demonstrated. Once this approach is
experimentally validated, the previously presented mono-band and dual-band
components based on the CRLH lines are provided with this tunability, exploring both
its methodology and limitations.

Finally, new compact filters with sharp responses are also presented based on
stepped-impedance-resonators (SIRs) coupled to coplanar waveguide (CPW) host
transmission lines. After analyzing the isolated resonator and its circuit model, elliptic-
type low-pass and high-pass filters, as well as band-pass filters with transmission zeros
are designed through the conventional filter theory, where a high-degree of
compactness as well as good performance is demonstrated.



CHAPTER 1

Motivation and objectives

The information society is an ever-expanding community. As society evolves, so does
technology, re-defining how people communicate with each other using cell phones,
Global Positioning System (GPS) receivers, satellites, personal computing, radio,
television or high-speed Internet, among other devices. In fact, even these concepts
are also being constantly re-defined, with most of the aforementioned applications now
available in one single device, able to make a phone call, browse the web or even
know its geolocation at the same time.

Thus, this work arises from the need to study new strategies for the miniaturization of
communication components, in order to meet the requirements of these upcoming
devices, as well as the all-in-one device merging trend. Specifically, this thesis is
focused on the design of planar passive non-radiative elements present in common
transceivers, focusing on power dividers, couplers and filters.

This desired size reduction can be obtained either by miniaturizing each component
or by providing the component with multi-band functionality, hence reducing the total
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CHAPTER 1 MOTIVATION AND OBJECTIVES

number of elements in the device. Moreover, the multi-band functionality can also be
obtained with tunable structures, since they can adapt to the environmental changes or
to the application requirements.

Throughout this work, all the aforementioned options will be examined, mainly
considering for this purpose the recently appeared approach based on the
metamaterials theory. By means of these new concepts, additional or enhanced
functionality and performance can be provided to state of the art components. In
particular, this thesis will analyze the implementation of metamaterial inspired devices
by means of the semi-lumped resonators open split ring resonators (OSRRs) and open
complementary split ring resonators (OCSRRs). However, other non-metamaterial
based components, such as stepped-impedance-resonators (SIRs), will be considered
as a way of achieving size reduction, and will be applied to the design of planar elliptic
or quasi-elliptic filters. Therefore, the outline of this work is as follows:

e The second chapter presents a brief introduction of the state of the art of
microwave device miniaturization. Moreover, the concepts of metamaterials, as
well as their applications are analyzed.

e In chapter three, the semi-lumped resonators OSRRs and OCSRRs are
exploited to implement artificial or metamaterial transmission lines. Then, these
fully planar artificial lines are applied to the implementation of miniaturized
wideband band-pass filters, as well as dual-band and quad-band devices.

e The fourth chapter analyzes the possibility of tuning the artificial lines presented
in the third chapter by means of ferroelectric materials. Therefore, additional
functionality is obtained, applying these concepts to tunable filters, phase
shifters or dual-band components.

e In chapter five, the miniaturization of planar filters by means of SIRs is also
studied, illustrating the design of elliptic low-pass and high-pass filters, as well
as band-pass filters with transmission zeros.

e Lastly, in chapter six, the conclusions and future research that result from this
thesis are outlined.

The work conducted during the realization of this thesis was carried out within the
Group GEMMA/CIMITEC, which is part of the Electronics Engineering Department of
the Universitat Autonoma de Barcelona. GEMMA/CIMITEC has been part of the
European Network of Excellence NoE 500252-2 METAMORPHOSE (Metamaterials
organized for radio, millimeter wave and photonic super lattice engineering), the main
objective of which was to research, study and promote artificial electromagnetic
materials and metamaterials within the European Union. It has recently given rise to
the Virtual Institute for Artificial Electromagnetic Materials and Metamaterials
(METAMORPHOSE VI AISBL). Furthermore, CIMITEC is one of the centers of the
Technological Innovation Network of TECNIO (ACC10) of the Catalan Government,
created with the objective of promoting the transference of technology to industry in the
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field of Information and Communication Technology and has been recognized as a
Consolidated Group by the Catalan Government (AGAUR). This work was, thus,
supported by the European, Spanish and Catalan Governments by means of several
projects and contracts and, specially, a grant from the UAB (PIF) and from the Catalan
Government (BE grant number 2010 BE1 00834). The Universitat Autdbnoma de
Barcelona contributes through the Vicerectorat de Projectes Estrategics - Parc de
Recerca. Among the projects and contracts with the different institutions and
companies that have given support to the developed research activities, we would like
to highlight:

Project TEC2007-68013-C02-02 METAINNOVA from the Spanish Government
(Direccion General de Investigacion). Project co-coordinated by the Universitat
Autonoma de Barcelona and the Universidad de Sevilla. Title: Tecnologias
basadas en metamateriales y su aplicacién a la innovacién en componentes y
subsistemas de RF microondas y milimétricas: circuitos de radiocomunicacion.

International Project Eureka METATEC granted to a consortium composed of
two companies and three research institutions from Serbia and Spain and
funded in Spain by a PROFIT and an AVANZA I+D project. Title:
METAmaterial-based TEchnology for broadband wireless Communications and
RF identification.

Project CSD2008-00066 CONSOLIDER INGENIO 2010 granted to a
consortium composed of eight research groups from different Spanish
Universities and funded by the Spanish Government. Title: Ingenieria de
Metamateriales (EMET).

International Project Eureka 5014 METASENSE granted to a consortium
composed of two companies and two research institutions from Serbia and
Spain and funded in Spain by AVANZA I+D projects. Title: Miniature
METAmaterial-Based SENsing Devices for Agricultural, Environmental and
Geological Applications.

Project VALTECO08-1-0009 granted to the Universitat Autbnoma de Barcelona
by the Catalan Government. Title: Nuevos componentes de comunicaciones
multibanda basados en metamateriales electromagnéticos (COMPATIBLE).

Project TEC2010-17512 METATRANSFER granted to the Universitat
Autonoma de Barcelona by the Spanish Government. Title: Nuevas estrategias
de disefio y sintesis de componentes de microondas basados en conceptos de
METAmateriales con orientacion a la TRANSFERrencia tecnolégica.






CHAPTER 2

Introduction and state of the art

Once the solid foundations of the microwave circuit theory were established [1] - [3],
significant effort focused on device miniaturization. Since a complete list of size
reduction procedures would require a lengthy introduction and it is beyond the scope of
this thesis, only a brief number of techniques will be considered in section 2.1. Thus,
some advances highlighted by the author in the field of passive planar non-radiating
components will be presented, focusing on power dividers, couplers and filters, which
are the main topics of this thesis. This state of the art will be the starting point for both
the miniaturized components obtained by means of metamaterial concepts as well as
the compact filters based on SIRs.

The rest of the chapter will be dedicated to the metamaterial theory, which will
facilitate a new path towards the design of miniaturized and multi-band devices. We will
study its origin, as well as the main relevant advantages and some applications in great
detail. These metamaterial concepts have been used for the design of the microwave
components presented in chapters 3 and 4.



CHAPTER 2 INTRODUCTION AND STATE OF THE ART

2.1 State of the art on miniaturization of planar
microwave devices

A very common procedure to obtain compact devices consists of replacing the
transmission lines and stubs that make up the conventional distributed designs with
other electrically smaller components with equivalent properties. This can be done
either by coupling stubs [4] - [7], coupling resonators [8], non-uniform transmission
lines [9], fractal elements [10], or by means of slow wave structures [11] - [14], among
others. Moreover, these latter miniaturized slow wave structures have also been
applied to filters by periodically cascading these cells to create electromagnetic band
gaps (EBGs) with a rejected band due to the interference phenomena, or Bragg effect
[15] - [17].

Another possibility of further miniaturizing the devices consists of using additional
layers, commonly implemented (although not exclusively) in low-temperature co-fired
ceramic (LTCC) technology or the more recently liquid crystal polymer (LCP)
substrates [18] - [21].

Nonetheless, most of the previous techniques still have stubs or resonators with
moderately large electrical lengths (a quarter or an eighth of the wavelength). This
leads to still very big structures at the lower region of the microwave spectrum with the
corresponding higher cost. Consequently, a different approach to that based on
distributed stubs or transmission line sections is required. To this end, the use of
lumped or semi-lumped elements/resonators, with a size much smaller than the
wavelength, can drastically reduce the dimensions of the devices. Moreover, these
elements have the additional advantage of being easily integrated in Microwave
Integrated Circuits (MIC) or Monolithic MIC (MMIC) technologies. Their major drawback
is their low quality factor inherent to their size, with the consequent higher losses [22] -
[24].

On the other hand, in the filter community special emphasis has been placed on
miniaturizing the resulting devices by means of different types of distributed resonators,
as well as with the aforementioned solutions, which are widely reported in the literature
[25] - [28].

A different way of achieving size reduction is to provide the components with multi-
band functionality, hence reducing the total number of elements present in the device.
For this purpose, different solutions arise. The first technique consists of incorporating
additional distributed elements to those present in the conventional designs in order to
have a higher degree of freedom and force the additional multi-band functionality.
These strategies have successfully been applied by means of additional distributed
sections or stubs in power dividers [29], [30] or couplers [31] - [33]. In addition, in the
filter community, a higher degree of freedom is frequently obtained by additional free
parameters on the dimensions of certain distributed resonators, enabling the control of
two or more frequency bands, renaming them as dual- or multi-mode resonators,
respectively [34] - [36]. Moreover, another solution like dual-behavior resonators (DBR)



2.1 STATE OF THE ART ON MINIATURIZATION OF PLANAR MICROWAVE DEVICES

based on the parallel association of band-stop structures [37], [38] or the coupling
theory [39], [40], among others, have also been applied to achieve these same goals.

Multi-band functionality can also be achieved by considering the lumped-element
equivalent circuit models of dual- or multi-band components, implementing the resulting
circuits either by lumped or semi-lumped elements. In [41], a dual-band balun and
divider was presented and implemented by means of this approach. In Figure 2.1(a)
the lumped-element equivalent circuit of the dual-band balun is shown, in which two
dual-band branches of #90° and +90° at two arbitrary frequencies f; and f, are
implemented as shown, in order to satisfy the +180° difference between the outputs. In
general filters, additional transformation from the low-pass prototype can be applied in
order to achieve the multi-band functionality [27], [42], [43]. In [43], this procedure was
followed to obtain a dual-band Chebyshev band-pass filter with the resulting equivalent
circuit reproduced in Figure 2.1(b), in which additional transformations were applied in
order to implement the device with distributed stubs.

The introduction of tunable components in microwave circuits provides re-
configurability, which is also a path to achieving functionality at various bands, with the
ability to adapt itself to environmental changes or application requirements. To this end,
most of the aforementioned techniques can be used, adding or replacing the
capacitances or coupling schemes with tunable capacitors. Several approaches can be
found, with some examples being micro-electro-mechanical systems (MEMS) or
ferroelectric materials or varactors. The issue has been broadly studied in the filter
community [44], [45]. In this thesis, ferroelectric tunable devices will be considered,
showing in chapter 4 a brief state of the art of these tunable materials as well as the
implementation of tunable filters, power dividers and phase shifters.

Finally, throughout the last decade, another alternative to miniaturizing has emerged,
using concepts of metamaterials. This method makes use of the advantage and
methodology developed in the field to create metamaterial devices, which enables a
systematic procedure to design compact and/or multi-band components. By these
means, planar quad-band devices such as power dividers or couplers, scarcely present
in the state of the art will be possible, showing in this thesis some examples in
chapter 3.

- L21 93

Y000 @1, T,  F90°@ fi, f

Figure 2.1. Circuit model of a dual-band balun (a) and of a dual-band band-pass filter (b).
Extracted from [41] (a) and [43] (b).
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In the following section, the concept of metamaterials, as well as the basic properties
of these artificial materials will be explained, with special emphasis on one-
dimensional planar metamaterials, that is, metamaterial transmission lines.

2.2 Metamaterial transmission lines

Ever since the recent appearance of the metamaterial field, a lot of interest has
arisen in the scientific community, with several books having dealt with these new
concepts [46] - [50]. Nonetheless, a general consensus on the definition of the term
"metamaterial" has not yet been established. Based on [46], metamaterials are defined
as artificial effectively homogeneous electromagnetic structures with unusual properties
not readily available in nature. On the other hand, in [47] and [48] a more general
definition is considered, designating the same term as artificial media with unusual
electromagnetic properties. Therefore, the former statement considers metamaterials
to be those artificial structures in which the unit cell size is much smaller than the
guided wavelength of the effective artificial medium Agn" (and therefore satisfying the
condition of effectively homogeneous structure). Alternatively, the latter also includes in
the definition structures where the unit cell size can be comparable to the wavelength
of the signal (such as electromagnetic band gaps among others).

Throughout this work we will focus mainly on planar one dimensional structures
inspired by effective homogeneous media, although periodicity, inherent to such media,
will not be a factor. The key aspect, rather than periodicity and homogeneity will be the
control of the electromagnetic properties of such structures, i.e., metamaterial
transmission lines, as well as the small size of the constitutive blocks. However, the
next paragraphs will review the main properties of metamaterials and their
implementations.

Since an effective medium has a much smaller period than the wavelength, the
refractive phenomena will dominate over the scattering or diffraction phenomena if a
wave propagates through the medium [46]. For this reason, it is possible to consider
the constitutive cells as "atoms" or "particles”, giving rise to the possibility of analyzing
the structure considering constitutive parameters such as effective permeability,
permittivity or the refraction index, which do not have to necessarily be the same as
those of its constituent materials. Therefore, we can study their electromagnetic
behavior considering the propagation of electromagnetic waves in a certain medium
with effective parameters € and p, being defined for an isotropic medium as *

n=tc/ey (2.1)

! The sub index in the term Agam is considered to differentiate it from the general guided
wavelength Aq of the constitutive medium.

% Note that although in continuous media the propagation constant is usually referred by k, in
circuit theory this same concept is normally expressed by 8, and hence this latter definition has
been considered throughout this thesis.

8



2.2 METAMATERIAL TRANSMISSION LINES

= %n 2.2)

with n being the refractive index, w the angular frequency, c the speed of light in
vacuum, B the propagation constant, ¢ the dielectric permittivity and y the magnetic
permeability. From equations (2.1) - (2.2) it follows that if permeability and permittivity
both have same sign (either positive or negative), then the propagation of
electromagnetic waves is allowed, given that the propagation constant 8 is real. Of
these two cases, structures with € < 0, y < 0 do not exist in nature. These latter
structures can, however, be artificially fabricated.

The properties of a simultaneously negative € and y medium were firstly analyzed by
Veselago [51] in 1968. In [51], these media were named as "Left-Handed", since the
electric (E) and magnetic (H) field vectors, as well as the propagation vector (8) form a
left-handed triplet (unlike the conventional materials with ¢ > 0, y > 0, where a right-
handed triplet is formed). As pointed out by Veselago, the consequences of the
negative valued permeability and permittivity are the antiparallel phase and group
velocities as well as the reversal of the Doppler effect and Snell law (at the interface
between a conventional and a left-handed medium), the latter interpreted as being due
to the negative refraction index of the left-handed medium.

However, it was not until 1999 that Pendry et al. [52] proposed the first effective
medium with a negative effective permeability y < 0 by means of the so-called split ring
resonator (SRR), with a small unit cell size. For this to happen, a periodic array of
SRRs with the incident radiation polarized with the magnetic field parallel to the axis of
the rings was required. This particle, shown in Figure 2.2 with its equivalent circuit
model, is formed by two open concentric metallic rings with slits etched in opposite
sides. Due to its small electrical size, the quasi-static condition can be considered in
order to analyze its behavior. Thus, the resulting equivalent circuit is a parallel LC tank,
where C, corresponds to the distributed capacitance between rings (C, = 217r,C,y), with
Cou being the per unit length capacitance between rings. Similarly, Ls can be
approximated as the inductance of a single ring of average radius r, and strip width c. A
year later, in 2000, David Smith et al. [54] synthesized the first left-handed medium (i.e.,
achieving both ¢ < 0 and p < 0) combining an array of SRRs to introduce the negative
permeability, with metallic posts to introduce the negative permittivity. Such a
configuration is shown in Figure 2.3, where propagation is allowed (although with high
losses) in a certain region due to the simultaneous € < 0 and p < 0, whereas in the rest
of the band no propagation is allowed since both parameters have opposite signs.

Ls

Col2 Col2

—
Cs=Col4

Figure 2.2. Topology and equivalent circuit of a SRR, extracted from [53].
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Figure 2.3. Photograph (a) and response (b) of the first left-handed medium composed by an
array of SRRs and metallic posts, extracted from [54].
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Figure 2.4. Layout (a) and transmission response (b) of a left-handed medium composed by a
waveguide with an array of SRRs, extracted from [55].

Another possibility of obtaining a left-handed medium in the microwave region is to
introduce SRRs in a rectangular waveguide with a resonance frequency smaller than
the cut-off frequency of the waveguide, as shown in Figure 2.4. In this region, the
waveguide behaves as an effective negative permittivity medium whereas the SRR
behaves as an effective negative permeability medium, hence obtaining a backward
propagation [55].

Two-dimensional left-handed structures were also fabricated. The first experimental
verification of a left-handed 2D structure was implemented with square SRRs and
metallic wires printed in a fiberglass substrate (reproduced in Figure 2.5),
experimentally demonstrating the negative index of refraction [56].

After these results were published, additional experimental and numerical works were
presented [57] - [59], supporting the pioneering work by Veselago [51], Pendry [52] and
Smith [54]. Over recent years, these concepts have been applied in as many diverse
fields as cloaking or magnetic resonance imaging applications, as well as expanding
their functionality to the optical range through three dimensional structures [60] - [62].

10
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Figure 2.5. Photograph of the first 2D left-handed structure used to demonstrate the negative
refraction, extracted from [56].

2.2.1 Transmission line theory of artificial media

Metamaterials or artificial media can also be analyzed by means of the transmission
line theory. Through the forthcoming analysis, metamaterials may be applied in
microwave engineering applications implementable in different planar or multi-layer
technologies. For this purpose, a relation between the effective parameters of the
artificial medium & - Her With those of a transmission line is required.

Let us assume a plane wave propagating in a homogeneous and isotropic lossless
medium. In this case, the propagation constant 8 and the wave impedance n are

related as
[}
= [= 2.3
n /8 (2.3)

B = wy/ue (2.4)

whereas in a conventional lossless transmission line, assuming its representation as an
infinite periodic structure with an incremental circuit model of infinitesimal length Ax
such as that shown in Figure 2.6(a), with per unit length series impedance Z' = Z/Ax
and shunt admittance Y' = Y/Ax, and using the telegrapher's equations, the same

conditions yield
’Z’ ’L’
= == |— 2.5
ZO yl C! ( )

B=+J-Z'Y =w/LC (2.6)

with Z, being the characteristic impedance and L' = L/Ax, C' = C/Ax the per unit length
inductance and capacitance, respectively. Thus, from equations (2.3) - (2.4) and (2.5) -
(2.6) it follows that the propagation in a transmission line is equivalent to that of a plane
wave in a homogenous and isotropic medium if

L': ueff (27)

11
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C' = geff (28)

where the index "eff" has been added to differentiate the permittivity or permeability of
the constitutive materials from those of the resulting effective medium.

As can be seen, for the case of a transmission line, & > 0, Uer > 0 and consequently
propagation is allowed. To fulfill the condition of a left-handed medium by means of this
study, negative inductances and capacitances such as those shown in Figure 2.6(b)
would be required to satisfy the condition of & < 0, uer < 0. Since the impedances of
the incremental circuit of Figure 2.6(b) are not equivalent to any reactive element such
as capacitors or inductors, in 2002 [63], [64] an alternative equivalent circuit (Figure
2.6¢) was proposed that also allows left-handed wave propagation in a certain region.
This case is the so-called left-handed transmission line or dual transmission line, since
the impedances are the dual of the conventional transmission line (the inductance is
exchanged for capacitance and vice versa). The characteristic impedance and
propagation constant of the model of Figure 2.6(c) are °

z L
1

B=+V-2Y = -

2.10
wvC'l' ( )

Then, using the same procedure as with the case of the lossless transmission line,
taking into account equations (2.3) - (2.4) and (2.9) - (2.10) the result is

1

IJeff= _w2C' (211)
1

£oif =~ —aT (2.12)

thereby demonstrating that the circuit of Figure 2.6(c) also satisfies &4 < 0, e < 0 and
hence, left-handed wave propagation is obtained.

oo -
(@  jwl'Ax (b) jwL'AX ©  wc
e Y Y ___._|:|_____ ____| _—-
— jwC'Ax |::| -jwC'Ax Ax
_—— —_—— - -
AXx—0 Ax—0 Ax—0
i >0 |J.eff>0 & <0 p-eff<o & <0 I.J.ef-f<0

Figure 2.6. Incremental circuit model of a conventional (a), non-conventional (b) and dual
transmission line (c). The values depicted in the series branch correspond to the impedance,
whereas for the shunt branch corresponds to the admittance.

% Notice that in (2.9) - (2.12) L’ and C’ have units of H-m and F-m, respectively, reflecting that
an increase of length reduces the inductance and capacitance [46].
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(@) Z'Ax (b) wC
[ Jyax L jwc'Ax
e - e .
Ax—»0 Ax—0 Ax—0
&t <0 U >0 et > 0 Herr <O

Figure 2.7. Incremental circuit model of a generic transmission line (a) and for non-propagation
media (b) - (c). The values depicted in the series branch correspond to the impedance, whereas
for the shunt branch corresponds to the admittance.

Note that for the validity of (2.11) and (2.12) an infinite periodic structure composed of
the incremental circuit of Figure 2.6(c) should be required, although if periodicity and
homogeneity are sacrificed, a left-handed behavior is still obtained.

The more general analogy between a plane wave propagating in a homogeneous
and isotropic lossless medium with that of an incremental generic impedance model
such as that shown in Figure 2.7(a) can also be considered. Since no assumption on
the nature of the reactance is taken in this case, this will enable us to study the
effective permeability or permittivity of any kind of artificial media, composed of either
inductances, capacitances, or a combination of both. By applying the telegrapher's
equation to this general case and following the same procedure as before, it can be
concluded that the propagation in an incremental circuit model of generic impedance
satisfies the following relation

Z'(w) = jwi (2.13)

Y'(w) = jwegs (2.14)

Therefore, propagation is only allowed when the series and shunt reactances are
opposite in sign (since the propagation constant 8 will only be real in these cases).
Moreover, it can easily be seen how for the equivalent circuits of Figure 2.6(a) or
Figure 2.6(c) the impedance conditions of equation (2.13) - (2.14) lead to the same
results shown in (2.7) - (2.8) or (2.11) - (2.12), respectively, as was expected.

Finally, artificial media such as those shown in Figure 2.7(b)-(c) can also be analyzed
with this approach, resulting in a permeability and permittivity opposed in sign and
consequently not allowing wave propagation.

2.2.2 Network theory of artificial lines

The analysis of the previous section was formulated on periodicity and homogeneity.
Nonetheless, in order to design microwave components, homogeneity can be
sacrificed. In other words, the unit cell does not need to be electrically small in the
region of interest, nor is it necessary to satisfy 8/ ~ 0.*

* A clear example of this case occurs with impedance inverters, in which an electrical length of
Bl = £90° is required, leading to a unit cell size of Agam /4, which is considered to be the effective-
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@  Zfw) Zs(w) (b) Zs(w)
Zp(w) Zp(w) Zp(w)

Figure 2.8. Generic T (a) - and T (b) - circuit model.

In more specific terms, in such non-homogeneous artificial media, the use of effective
parameters such as permittivity or permeability, as well as the telegrapher’s equations
cannot be considered. For this reason, an alternative method based on network or also
renamed Bloch wave theory is required to analyze these structures. This will provide
the dispersion characteristics and the characteristic impedance for any structure with
arbitrary cell size. Specifically, a periodic two-port network structure composed of the
cascade of identical unit cells of length | is assumed. In such conditions, the complex
propagation constant y is related as [1]

A+D

cosh(yl) = —— (2.15)

where A and D correspond to the diagonal terms of the [ABCD] matrix. If we now
consider the [ABCD] matrix of a symmetric T- or a m-model with series and shunt
impedance Zs (w) and Z, (w), respectively (Figure 2.8), the following equation in the
transmission bands (excluding losses) results °

Zs(w)

cos(Bh =1+ Z,()

(2.16)

A relation between the propagation constant 8 and the S-parameters can also be
obtained considering the equivalence between these parameters with the [ABCD]
matrix. Specifically, the propagation constant can be expressed as

— 811822+ S12S24

1
cos(B) = (2.17)
which for the case of a lossless, reciprocal, symmetric and passive network can be
reduced to

cos(P21)

costh) = 51|

(2.18)

homogeneity limit [46]. In fact, the case of a cascade of n unit cells with 8l = 0 could also be
considered to obtain the same results, but in the latter case the maintenance of homogeneity
would lead to a lower degree of miniaturization.

® Note that if the T- or m-model of the incremental circuits of Figure 2.6(a) or Figure 2.6(c) are
considered and a second-order Taylor approximation is applied to equation (2.16) forcing the
long wavelength condition (and thus Bl — 0), then the propagation constant of equation (2.6) or
(2.10) results, respectively.
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@,, being the phase of S,;. Thus, for networks satisfying the aforementioned conditions
it follows that

,3/||321|=1 = i¢21 + 2k, ke Z (2.19)

Moreover, considering a positive group velocity, it can be deduced that the physical
solution corresponds to Bl = -®,,, i. e., if total transmission is satisfied the electrical
length is equal to the phase shift of Sy;, but with an opposite sign.

Another relevant parameter is the characteristic impedance. Since the infinitesimal
unit cell condition is not necessarily satisfied, we cannot consider the previous
concepts of characteristic impedance. Therefore, we will consider the so-called Bloch
impedance, which relates the voltage and currents at the terminals of the unit cell in
periodic structures (either infinite or matched to the ports). In general circuit terms, this
is also called image impedance, since the Bloch impedance can also be obtained as
the impedance seen at the input when its value is equal to the load impedance at the
output [48]. For this reason, in artificial lines it plays the same role as the characteristic
impedance on a conventional transmission line (and for this reason it is sometimes re-
named as such). Taking this into account, the Bloch impedance for the T- and m-model

is ©

Zg, (W) = \/ZS(w) [Zs(w) + 2Z,(w)] (2.20)

2, (W)Z (w)
2Z,(w) + Zs(w)

Zp (w) = (2.21)

Zgr and Zg,; being the Bloch impedance of the T- and m-model, respectively. By
inspecting equations (2.20) - (2.21), it can be deduced that if a lossless passive circuit
is only composed of reactive elements, then the Bloch impedance will be either pure
real or pure imaginary depending on whether propagation is allowed or not,
respectively. Considering this, in the following chapters, only the real part of this
impedance will be represented unless otherwise specified.

Thus, with both propagation constant and Bloch impedance, it will be possible to
analyze and control the behavior of the magnitude transmission and/or phase of any
kind of lossless artificial lines that can be modeled by reactive elements at any
frequency region, where the long wavelength limit will not be necessary.

Figure 2.9 and Figure 2.10 show the dispersion diagram and Bloch impedance for an
artificial line that allows either right-handed (RH) or left-handed (LH) wave propagation,
such as those shown in Figure 2.6(a) or Figure 2.6(c), respectively. In each graph, the
results derived from the network theory are compared with those inferred from the
transmission line theory (HLW denoting the latter case where the additional
homogeneity and hence long wavelength limit restrictions are satisfied).

® Note that if the T- or m-model of the incremental circuits of Figure 2.6(a) or Figure 2.6(c) are
considered forcing the long wavelength condition, then the Bloch impedance results in the
characteristic impedance of equations (2.5) or (2.9).
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Figure 2.9. Dispersion diagram for the media of Figure 2.6(a) and Figure 2.6(c) with right-
handed (a) and left-handed (b) wave propagation, respectively. In the graph is shown the cases
with and without the restriction of homogeneity and long wavelength (restriction denoted as
HLW).
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Figure 2.10. T- and - characteristic impedance for the media of Figure 2.6(a) and Figure 2.6(c)
with right-handed (a) and left-handed (b) wave propagation, respectively. In the graph is shown
the cases with and without the restriction of homogeneity and long wavelength (restriction
denoted as HLW).

If no assumption or restriction is applied to the incremental circuits of Figure 2.6(a) or
Figure 2.6(c), dispersion is present, and the limits of propagation are between [0, 7]
and [-m7, 0], respectively, 1 corresponding to the cut-off frequency w. given by the
arccosine delimitation [-1, 1]. On the other hand, if the constraint of homogeneity is
applied there is no cut-off frequency, and a non-dispersive linear dependence with
frequency is obtained for the conventional transmission line, as expected from equation
(2.6). Alternatively, the resulting propagation for the dual or left-handed transmission
line is dispersive even in the homogeneous condition, and the phase constant is
delimited by (-0, 0], as predicted from equation (2.10).

The Bloch impedance is frequency dependent, with different limits (either zero or
infinite) depending on the model used (as opposed to the dispersion diagram where
both T- and mmodels lead to the same results). However, if the restriction of
homogeneity or long wavelength is applied, both models lead to a constant impedance
Znw, corresponding to the characteristic impedance shown in equations (2.5) or (2.9).
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2.2.3 Composite right-/left-handed lines

Although all the artificial transmission lines analyzed so far present either left- or
right-handed wave propagation, it is also possible to design artificial structures with
both left- and right-handed wave propagation depending on the frequency region.
These lines are called composite right-/left-handed (CRLH) transmission lines [65] -
[68]. The design of metamaterial-based microwave circuits is based on the
controllability of the dispersion diagram and Bloch impedance of CRLH lines (also
called dispersion and impedance engineering). For this reason, different types of
artificial CRLH lines have been presented in recent years. Throughout this section,
different artificial lines will be analyzed, and it will be envisaged how these artificial
media are of interest for multi-band devices and/or to enhance the performance of
microwave devices. In addition, given that all the artificial lines that are going to be
presented from now on will be considered for microwave engineering applications with
non-infinitesimal unit cell sizes and not necessarily satisfying the long wavelength
condition, only the models and equations presented in section 2.2.2 will be employed.
Nonetheless, if a homogeneous structure fulfilling the long wavelength condition
formed by the unit cells that will to be presented is considered, then equations (2.13) -
(2.14) could be used to extract the effective parameters of the medium by means of a
straight-forward procedure.

2.2.3.1 Conventional and dual CRLH lines

The first implementations of CRLH lines were presented in [65] - [68], and are
composed of the combination of the right-handed and left-handed cells presented in
Figure 2.6(a) and Figure 2.6(c), as shown in Figure 2.11. In fact, this cell was initially
obtained seeking the implementation of a pure left-handed transmission line in planar
technology, but as will be seen in section 2.2.4, the right-handed contribution of the
host line could not be neglected [65] - [68].

In Figure 2.12(a), the dispersion diagram considering equation (2.16) is plotted.
Taking into account the circuit elements of Figure 2.11, it follows that left-handed wave
propagation at low frequencies is allowed since the dominant reactances are those of
the capacitance C_ and the inductance L,.

@ Lp/2 2C. 2C_ Lg/2 (b) C. Lg
e YY) ” ” Y Y Y ___ —— ” Y'Y YN _—
L, = Cgr 2L, - CR/Z 2L, —Cr/2

Figure 2.11. T- (a) or - (b) model of the CRLH transmission line.
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Figure 2.12. Typical dispersion diagram (a) and Bloch impedance (b) of a balanced and
unbalanced T-model CRLH transmission line.

On the other hand, at high-frequencies the dominant reactances are those of the
capacitance Cy and the inductance Lr and therefore a right-handed band appears. The
band gap between both bands is determined by the resonance frequencies of the
series branch ws and the shunt branch w,

o) (2.22)
1

p = N (2.23)
with its limits wg; and wg, defined as [48]
wgr = min(ws, wp) (2.24)
w2 = max(ws, wp) (2.25)

Then, if ws = wp, = wo a continuous transition between both bands appears. This
condition is normally denoted as the balanced case (whereas a non-continuous
transition is normally referred to as unbalanced). In Figure 2.12(b) the Bloch
impedance of a balanced and unbalanced CRLH transmission line considering the T-
model of Figure 2.11 is plotted, obtained by means of equation (2.20). As can be
observed, the unbalanced CRLH line has a band gap between the same frequency
positions as on the dispersion diagram. In this region, the impedance is purely
imaginary, proving to be useful for the impedance matching of arbitrary impedances
[69]. On the other hand, the balanced case presents a continuous transition with a
maximum impedance value set at wy defined as

,LR /LL
7ol = |2 = |—= 2.26
Blw—wo C CL ( )

which will be useful for devices in which a flat band-pass response over a wide
frequency range is required.
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Figure 2.13. Unit cell (a) and typical dispersion diagram (b) of the D-CRLH line.

In addition, since its unit cell is identical to that of a third-order band-pass filter, the
usefulness of these artificial lines to implement microwave filters can already be
envisaged.

Another type of artificial line exhibiting forward and backward wave propagation is the
so-called dual-CRLH or D-CRLH line, presented by Caloz [70] and reproduced in
Figure 2.13(a). The term "dual" makes reference to the fact that the series and shunt
reactances of this artificial line are exchanged from the conventional CRLH line. By
means of this procedure, a duality in the dispersion diagram also results, presenting
right-handed behavior at low frequencies and left-handed behavior at high frequencies.
Nonetheless, in a D-CRLH line, even when the series and parallel LC tank resonates at
the same frequency, as is the case in the dispersion diagram of Figure 2.13(b), a band
gap between the left- and right-handed bands appears, only presenting a continuous
band if a homogeneous medium is considered [70].

2.2.3.2 Generalized CRLH lines

Artificial lines with more than two propagation bands are also possible. This feature
enhances the conventional or dual CRLH line functionality and allows the realization of
devices with a higher number of bands. Nonetheless, in the same way that the CRLH
line with two propagation bands requires twice as many reactive elements as the pure
left- or right-handed line, the requirement of a higher number of bands will also lead to
an artificial line with a higher number of reactive elements.

In [71], the Double-Lorentz transmission line was proposed, which facilitates the
propagation of three alternating left- and right-handed bands. To obtain this unit cell, a
combination of the D-CRLH line shown in Figure 2.13(a) and the pure right-handed line
shown in Figure 2.6(a) is applied, obtaining the unit cell of Figure 2.14(a).

Thus, the dispersion diagram begins with right-handed wave propagation and then
alternates to left-handed and right-handed wave propagation, respectively. It is worth
mentioning that if the same D-CRLH line is combined with the pure left-handed line
shown in Figure 2.6(c), then the same three bands appear, but beginning with a left-
handed band at low frequencies [72].
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Figure 2.14. Unit cell of a Double-Lorentz (a) (extracted from [71]) and E-CRLH line (b).

Moreover, in [73], [74] a CRLH line exhibiting four different bands was proposed,
renaming the resulting artificial line as an extended CRLH line or E-CRLH line. In
Figure 2.14(b) one possible unit cell that satisfies the aforementioned conditions that
result from combining the conventional CRLH line with the D-CRLH line is shown. Thus,
to obtain four bands the number of reactive elements must be doubled in comparison
with the conventional CRLH line (which presented only four different elements and two
different bands). Figure 2.15 shows the dispersion diagram and Bloch impedance of an
arbitrary T-model E-CRLH line such as that shown in Figure 2.14(b), obtained by
means of equations (2.16) and (2.20), respectively.

We again can distinguish between the balanced or unbalanced cases, with the same
consequences in dispersion and impedance as those explained in the conventional
CRLH line (although in this case two band gaps between left- and right-handed bands
can arise). Moreover, the way in which the structure presents a left-handed behavior at
low frequencies and then alternates to right-handed and left-handed bands with
frequency can be appreciated.

The same analysis can be applied to a generalized CRLH line of N bands. From this
study, carried out by different authors in [72], [75], it can be deduced that to design an
artificial line with N bands, 2N reactive elements will be required (with this condition
being satisfied in all the artificial lines presented in this chapter). Moreover, in [75] a
generalized CRLH line model to implement N bands was presented, demonstrating that
to design an N band artificial line such as that reproduced in Figure 2.16, N/2 series
resonators in parallel on the series branch and N/2 shunt resonators in series on the
parallel branch are required.

The previous statement can be deduced by studying the poles and zeros of each
branch. Both series and shunt branches present a reactance with N/2 zeros and N/2
poles. For the case of the series branch the zeros corresponds to the resonance
frequency of each series LC tank and the first pole is at the origin, whilst for the shunt
branch the poles corresponds to the resonance frequency of each shunt LC tank and
the first zero is at the origin. In addition, Foster's reactance theorem [76] also applies,
which states that the reactance of a passive lossless two-port network is always
monotonically increasing with frequency, leading to a reactance function that always
alternates from poles to zeros with frequency and vice versa.
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Figure 2.15. Typical dispersion diagram (a) and Bloch impedance (b) of a T-model E-CRLH line
as the one shown in Figure 2.14(b).

L, C, Ci L,
L, C, C, L,
oo |io b
Lhg  =FCh
L', =C
L'm T C'wm

Figure 2.16. Generalized circuit model of an arbitrary N-band CRLH line, extracted from [75].

Thus, considering the two aforementioned statements, as well as considering that
propagation is only allowed when the series and shunt impedances are opposite in sign
(as analyzed in equations (2.13) - (2.14)), it is deduced that a unit cell such as that
depicted in Figure 2.16 can achieve a maximum of N bands. Lastly, it has to be
considered that this statement can be expanded to any resulting artificial line such as
the conventional CRLH, the D-CRLH or the E-CRLH line, and not only the artificial line
that results from the generalized CRLH line.

2.2.4 Planar implementation of CRLH lines: The resonant-type
approach

The planar implementation of the artificial lines shown in section 2.2.3 can be
implemented by means of different ways or approximations.
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Figure 2.17. Layout of the microstrip (a) and CPW based atrtificial line (b), extracted from [65] (a)
and [67] (b).

A possible approximation consists of using discrete elements (capacitors and
inductors), although these can only operate up to a limited frequency range due to the
parasitic effects, in addition to having the element values fixed by the manufacturer.
Another approach to implement artificial lines is by means of planar semi-lumped
elements that act as the capacitors or inductors required in a certain range of interest.
This avoids the need to solder components and lowers the cost of production. With this
approach, typically a host line is loaded with series gaps (or interdigital capacitors) and
shunt vias acting as inductances, frequently referred to as the CL-loaded approach.
Examples of CL-loaded lines were first reported in microstrip [65], coplanar waveguide
(CPW) [67] or strip line technology [68], showing in Figure 2.17 the layout for the case
of microstrip and CPW technology.

It is worth noting that although all of these configurations sought the implementation
of a pure left-handed medium (by means of series capacitors and shunt inductors),
since the elements need to be hosted in a conventional medium with a distributed
series inductance and shunt capacitance to ground, a CRLH line behavior due to the
right-handedness of the host transmission line was obtained.

Soon after these results were published and the CRLH line pointed out, different
authors presented additional approaches to obtain the same CRLH behavior. One of
these approaches, on which we will focus throughout this thesis, is the so called
resonant-type approach, which makes use of electrically small resonators coupled to a
host line to obtain the CRLH line behavior. Depending on the resonator used, different
responses and models result. In this section, we will analyze the responses obtained
with the resonator SRR and with its complementary counterpart CSRR. Lastly, in
chapter 3, the implementation of CRLH lines based on open resonators will be seen as
novel results of this thesis.

2.2.4.1 CRLH lines loaded with SRRs

Figure 2.18(a) shows the layout of a CRLH transmission line implemented with SRRs
in CPW technology, extracted from [77]. The SRRs are etched on the bottom of the
substrate below the slot regions of the CPW transmission line to excite the SRR with
the required axial magnetic field.
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(a) (b)

Figure 2.18. Layout (a) and equivalent circuit (b) of the CRLH transmission line unit cell based
on SRRs coupled to a CPW host line with metallic strips to ground. Extracted from [77] (a) and
[78] (b).

Fregquency {GHz)
Figure 2.19. Transformed equivalent circuit (a) and frequency response (b) of the layout shown
in Figure 2.18(a). Equivalent circuit extracted from [78]. Frequency response extracted from [77].

Additionally, inductive strips from the main line to the ground plane are added to
obtain the required shunt inductance. The equivalent circuit, analyzed in [77], [78], is
that shown in Figure 2.18(b) where the SRRs, modeled as parallel LC tanks, are
coupled by a mutual inductance M/2 to the host line with inductance L/2 and shunt
capacitance C/2, as well as with an inductive effect to ground, L,, due to the narrow
strips to the ground plane.

The equivalent circuit of Figure 2.18(b) can be transformed using equations (2.27) -
(2.30) to that shown in Figure 2.19(a) [78]. Hence, this structure behaves as a CRLH
transmission line with an additional parameter L’s which generates a transmission zero
due to the resonance of the parallel LC tank (i.e., the resonance frequency of the SRR).

C = P (2.27)

(2.28)
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L'= 2+—L L' 2.29
' L 2.30
Ly =2Lp+3 (2.30)

The frequency response is depicted in Figure 2.19(b), where neither the transmission
zero nor the right-handed band can be appreciated due to the high number of cells and
the limited frequency region depicted, respectively.

2.2.4.2 CRLH lines loaded with CSRRs

Another way to implement a CRLH line is by means of the dual or complementary
particle of the SRR, that is, the complementary split ring resonator (CSRR), shown in
Figure 2.20 with its equivalent circuit, initially presented in [79].

The CSRR can be obtained by exchanging the metal for slots and vice versa from a
SRR resonator. Considering the Babinet principle, it can be deduced that if the effects
of the metal thickness and losses, as well as those of the dielectric substrate are
neglected, given the same dimensions and size, the CSRR resonates at the same
frequency as the SRR if an electric field excitation on the axial direction is applied
(whilst the SRR required a magnetic excitation in the same direction) [53], [80]. Thus, if
CSRRs and series gaps are loaded to a microstrip line, a CRLH line behavior can be
obtained. Figure 2.21 shows the layout and equivalent circuit of a CRLH line
implemented with CSRRs, where the CSRRs are allocated below the host line (etched
in the ground plane) to be excited by an axial electrical field. The CSRR is modeled as
a shunt parallel LC tank electrically coupled to the host line with inductance L/2 and
shunt capacitance C,.

Moreover, the series capacitance Cs adds a fringing capacitance which also affects
the coupling with the CSRR. The model of Figure 2.21(b) can be simplified to that
shown in Figure 2.22(a) if the following conditions are considered

Cpar = C¢+ CL (2.31)
2Cy =2Cs+ Cpyy (2.32)

C= Cpar(zcs + Cpar)

< (2.33)

where it can be seen that the model is the same as that of a conventional CRLH line
but with an extra capacitance C. Figure 2.22(b) shows the measured magnitude
response of the layout of Figure 2.21(a), in which it can be appreciated that if both
CSRRs and capacitive gaps are present, then a left-handed behavior is obtained with
the resulting band-pass transmission, the right-handed band being allocated at higher
frequencies than the depicted region.
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Figure 2.20. Topology and equivalent circuit of a CSRR, extracted from [53].
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Figure 2.21. Layout (a) and equivalent circuit (b) of a CRLH line loaded with CSRRs and series
gaps. Extracted from [48] (a) and [81] (b).
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Figure 2.22. Simplified equivalent circuit (a) and measured response (b) of the layout of Figure
2.21(a). Extracted from [81] (a) and [48] (b).

Moreover, an additional transmission zero below the band (as occurred with the
CRLH loaded with SRRs) also appears, due to the resonance of the shunt branch (i.e.,
the resonance of the LC tank and the capacitance C). The presence of a transmission
zero below the band in both SRR or CSRR loaded CRLH lines can be of interest for
certain applications such as filters. Nonetheless, for other applications where severe
conditions of bandwidth are required, this aspect can be a drawback. In chapter 3, an
alternative to obtain a CRLH line that does not present any transmission zero below the
band will be presented. To this end, the open resonators will be considered, which will
result in a behavior similar to that obtained with the CL-loaded approach presented in
[65] - [68].

25



CHAPTER 2 INTRODUCTION AND STATE OF THE ART

2.3 Applications of metamaterial transmission
lines

Based on the theory exposed in section 2.2, specifically on the concepts of artificial or
metamaterial transmission lines, a vast number of microwave applications have
emerged which take advantage of the controllability of both the dispersion and
impedance of these lines, as well as their small electric size.

In this section, different applications will be presented, focusing only on passive non-
radiating-wave applications. In particular, we will review some of the applications
reported in the literature for size reduction, multi-band functionality and band-pass filter
design, which are the aspects that will be treated in chapters 3 and 4. Additionally, in
[46] - [49] a broader review can also be found analyzing active devices or antennas, as
well as other passive applications such as coupled-line couplers, enhanced-bandwidth
devices, implementation of extreme impedance transmission lines, or other filter
topologies and responses.

2.3.1 Size reduction

One of the advantages of metamaterial transmission lines is the small electrical size
of their unit cells, as well as the controllability of both dispersion diagram and
characteristic impedance. The former aspect can be applied to reduce the size in
certain applications.

In [82], the CRLH line based on CSRR and series gaps implemented in microstrip
technology, presented in section 2.2.4.2, was applied to the design of impedance

inverters. For this purpose, a condition of 8/ = —90° and an impedance of v2Z, was
forced by means of equations (2.16) and (2.20), where the negative sign condition in
the electrical length was applied to work at the left-handed band and thus increase the
degree of miniaturization.

Since the CRLH line has additional elements in comparison with the conventional
transmission line, the direct relation between physical length and phase shift is no
longer valid. As a result, it is now possible to force a phase shift of -90° with a size
much smaller than Ag/4, with Ay being the guided wavelength of the host medium (i.e.,
the microstrip line). In fact, the quarter wavelength condition will still be satisfied, but for
the guided wavelength of the effective artificial medium Agam, Which is much smaller
than Ay, hence obtaining the desired miniaturization.

Figure 2.23 shows the layout of a power divider implemented with the resulting
artificial lines compared with a conventional power divider, where roughly 50% size
reduction can be appreciated. Figure 2.23(c) also shows the frequency response of the
artificial line based divider and conventional power divider. With the artificial line
approach, a good performance is obtained, although in a narrower band as compared
to the conventional approach. In [82], this study is extended to other types of power
dividers, as well as multi-output power dividers, obtaining a similar performance.
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Figure 2.23. Layout of the power divider based on CRLH lines (a) and conventional
transmission lines (b) with same operating frequency. The frequency responses are compared
in (c). The CSRRs of the ground plane are indicated in gray color. Extracted from [82].

CRLH lines can also be applied to miniaturize phase shifters. Since a CRLH line has
both left- and right-handed wave propagation, it can lead to a positive, negative or zero
phase shift, whereas a conventional transmission line can only exhibit a negative
phase shift due to a positive group and phase velocity. Moreover, the relation of a
higher phase with a higher length is not required for CRLH lines, since additional
elements are present. These aspects make the metamaterial based phase shifters very
suitable to be applied for phase compensation. In [47], [49], zero-degree CRLH lines
were presented in order to use them on feeding networks for antenna arrays. These
artificial lines avoid the use of -360° conventional phase-shifters, which are normally
very large. Figure 2.24(a) shows the photograph of the implementation of a CPW
based 2-stage and 4-stage zero-degree phase shifting lines.

These lines are implemented by means of series capacitances and shunt
inductances to obtain the left-handed behavior and conventional transmission line
sections to obtain the right-handed behavior. Figure 2.24(b) also shows its phase and
magnitude response in comparison with a conventional -360° phase shifter. As can be
seen, the metamaterial approach enables the possibility of designing a more compact
and flatter response than the conventional phase shifters, with the additional ability of
forcing either a positive or negative phase shift.
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Figure 2.24. Two-stage and four-stage phase shifters (a); Phase and insertion loss (b) of the
metamaterial-based zero-degree phase shifters and a conventional -360° phase shifter.
Extracted from [49].
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2.3.2 Multi-band applications

Another main advantage of the CRLH lines presented in chapter 2.2.3 is that they
present N different propagation bands (N depending on the combination and number of
reactive elements). One potential application of this feature is the possibility of forcing a
characteristic impedance and phase condition in each band, with this aspect being very
suitable for multi-band microwave devices, since it reduces the size and number of
components present in communication systems.

In Figure 2.25 the dispersion diagram and Bloch impedance of a balanced CRLH line
with two propagation bands based on the circuit model of Figure 2.11 is depicted, as
well as that of a conventional transmission line based on the incremental circuit model
of Figure 2.6(a). As can be seen, the conventional transmission line has constant
impedance with frequency and a mono-band propagation nature.” Therefore, due to
the limited number of reactive elements (circuit model) as well as the linear-frequency
dependence, if the values of inductance and capacitance of the conventional
transmission line are set to force an arbitrary phase and impedance at a certain
frequency w;, additional conditions cannot be satisfied. On the other hand, since the
CRLH line presents two propagation bands, as well as frequency-dependent
impedance, a condition of an arbitrary (and not necessarily the same) phase and
impedance can be forced at two different arbitrary frequencies w; and w,, which are
allocated in the right- and left-handed propagation band, respectively. Moreover, this
procedure is straight-forward since the model of a CRLH line has four different reactive
elements and four requirements (an impedance and phase at two arbitrary frequencies).
In addition, this procedure is extendible to a CRLH line of arbitrary order.

Using these concepts, an N-band impedance inverter with a phase shift alternating
from 90° and -90° (or equivalently 270°) and specified impedance can be designed. By
means of this impedance inverter, different multi-band microwave applications such as
branch line couplers, rat-race couplers or Wilkinson power dividers can be
implemented among others.
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Figure 2.25. Dispersion diagram (a) and Bloch impedance (b) of a balanced CRLH line and a
conventional transmission line.

0
):/4

" Note that although the same functionality appears at the odd harmonics, this is not
considered as multi-band nature since the frequency position as well as the values of
impedance and phase at these other bands cannot be controlled without altering the response
at the first band.
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Figure 2.26. Conceptual schematic for each operation frequency for the dual-band branch line
(a) and rat-race (b) coupler. Extracted from [83].
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In [83], a dual-band branch line and rat-race couplers implemented by means of SMT
chip components (to obtain the left-hand contribution) and microstrip-line sections (to
obtain the right-hand contribution) was presented. To compensate for the effects of the
frequency-dependent reactance of the chip inductors and capacitors, an additional
tuning stub was added to the left-handed section of the dual-band branch line. Figure
2.26 and Figure 2.27 show the resulting conceptual schematic for each operation
frequency and the photograph of the fabricated devices with its equivalent circuit for the
case of the branch line and rat-race coupler, respectively. Figure 2.28 also shows the
measured magnitude response for the dual-band branch line and rat-race couplers. For
the case of the dual-band branch line coupler the required functionality is achieved at
the GSM bands of 930 MHz and 1.78 GHz, whereas for the dual-band rat-race coupler
the frequency operations are chosen at 1.5 GHz and 3 GHz. In both cases, a
transmission very close to -3 dB can be appreciated.

Lately, these devices were also implemented in fully-planar technology by means of
the resonant-type approach. Specifically, the CRLH line based on CSRRs can be
designed to satisfy the conditions of a dual-band impedance inverter. This approach
was considered in [84] to implement a dual-band branch line coupler at the GSM
frequencies 0.9 GHz and 1.8 GHz, showing in Figure 2.29 the layout as well as the
magnitude response, where a similar behavior as that obtained with the CL-loaded
approach can be obtained but with neither vias nor SMT components.
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Figure 2.27. Photograph of the fabricated device and equivalent circuit for the dual-band branch
line (a) and rat-race (b) coupler. Extracted from [83].
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Figure 2.28. Measured S-parameters for the dual-band branch line (a) and rat-race (b) couplers
of Figure 2.27. Extracted from [83].
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Figure 2.29. Layout (a) and frequency response (b) of the dual-band branch line coupler
implemented by the resonant approach. Extracted from [84].
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Figure 2.30. Layout (a) and frequency response (b) of the dual-band Y-junction power divider
implemented by the resonant approach. Extracted from [85].

In addition, in [85] this cell was also employed to implement dual-band Y-junction
power dividers operative at the same GSM frequencies, as shown in Figure 2.30 with
its frequency response. Moreover, in order to further miniaturize the devices, in [85]
and [86] the same branch line coupler and power divider presented in Figure 2.29 and
Figure 2.30 was also presented, but with the so called complementary spiral resonator
(CSR), which presents roughly half the electrical size of the CSRR, obtaining similar
results to those depicted but with reduced size. Furthermore, both dual-band
approaches based on CSRRs and CSRs presented smaller electrical dimensions than
the conventional mono-band devices.
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After the appearance of these applications, different authors ([71], [87], [88])
investigated the possibility of designing tri-band and quad-band unit cells in planar
technology by means of the Double-Lorentz and E-CRLH lines presented in Figure
2.14. In [87], the quad-band planar artificial line topology of Figure 2.31 was proposed
requiring discrete chip elements to implement the capacitors of the series branch. By
means of this planar unit cell, a quad-band Wilkinson power divider was presented in
[89], where due to the application requirements all the inductive elements were also
replaced for chip inductors, only implementing in planar technology the capacitances of
the shunt branch. Figure 2.32 shows the layout, as well as the matching response,
appreciating the quad-band functionality at the frequencies of 775 MHz, 1.40 GHz, 2.72
GHz and 3.80 GHz.

In [90], the unit cell of Figure 2.31 was also employed to implement a dual-band
band-pass filter. This can be achieved by forcing a continuous transition between the
left-handed and right-handed propagation bands. Hence, two bands appear, in the
same way that a continuous propagation band appeared in a conventional CRLH line if
the condition of a balanced transmission line was forced. Figure 2.33 shows the layout
and response of the proposed dual-band band-pass filter, requiring only chip capacitors
in this case to implement the capacitances of the series branch as initially proposed in
[87]. A dual-band behavior is obtained, but with a poor matching in each band. This is
due to an erroneous application of the balanced conditions, which led to a wrong
design, as explained and corrected in [91], [92]. If the correct equations are applied,
then a filter characteristic such as that shown in Figure 2.33(d) is obtained.

(a)

Figure 2.31. Layout (a) and photograph (b) of a planar unit cell of an E-CRLH line. Extracted
from [87].
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Figure 2.32. Layout (a) and matching (b) of a quad-band Wilkinson power divider. Extracted
from [89].
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Figure 2.33. Layout (a), insertion losses (b) and return losses (c) of the dual-band band-pass

filter extracted from [90]. The return losses of the circuit response with same requirements but
with a correct design is also depicted (d), extracted from [91].

In fact, it can be observed that the resulting response is that of a third-order dual-
band filter, since both circuit models are the same (in the same way that the
conventional CRLH model is the same as that of a third-order mono-band band-pass
filter). Thus, in this case, the same characteristics could be obtained by means of the
classical Chebyshev filter design with the corresponding additional transformations to
obtain the dual-band nature [27], [43]. In section 3.3.3, it will be shown that similar dual-
band band-pass filters to those of [90], but based on open resonators, can be
implemented in a fully planar configuration.

In [88], an alternative topology to implement fully-planar E-CRLH lines was presented,
reproducing the resulting topology in Figure 2.34(a)-(b). As can be seen from the
dispersion diagram of Figure 2.34(c), four bands appear in the electromagnetic
simulation, although there is a considerable disagreement between the electromagnetic
and circuit simulation. Moreover, to our knowledge an application based on this
approach has not yet been presented. Consequently, although an application of the
fully-planar unit cell of Figure 2.34 has not been presented so far, the up-to-date limited
agreement between circuit and electromagnetic response would lead to a higher level
of difficulty to implement quad-band devices with specific requirements.

Although several applications have been presented based on the CRLH unit cells of
Figure 2.30 and the E-CRLH unit cells of Figure 2.31, none of these applications
presented a comparison between circuit and electromagnetic simulation or analyzed
the parasitic behavior that could lead to the discrepancies between both.
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planar E-CRLH line. Extracted from [88].

Therefore, since the design is strongly dependent on the dispersion diagram and
Bloch impedance, these latter approaches will also lead to a complex procedure to
meet a set of real specific requirements. In chapter 3, a fully-planar approach of CRLH
and E-CRLH lines based on open patrticles will be provided and applied to the design of
dual-band and quad-band components. A comparison of the circuit model and
electromagnetic simulation will be presented and considered, which will be of huge
help for the design process, making it easier to control all the bands and understand
the full response behavior.

2.3.3 Band-pass filters

Given the small electric size of the SRRs or CSRRs, these metamaterial resonators
have highly contributed to offering new strategies for filter design. Considering the most
basic structure, that is, SRRs or CSRRs coupled to a host line, a notch in the response
appears thanks to these resonators, having applied these structures to the design of
stop-band filters both in CPW [93] and microstrip [94] technology with SRRs and
CSRRs, respectively. These resonators can also be added to conventional filters for
spurious suppression [94], showing in Figure 2.35 a microstrip coupled-line band-pass
filter loaded with SRR in order to suppress the harmonics, achieving a rejection level
better than 30 dB for the first spurious, as well as also suppressing the second
harmonic.
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Figure 2.35. Layout (a) and measured frequency response (b) of a microstrip coupled-line
band-pass filter loaded with SRR. In (b) the simulation of a conventional microstrip coupled-line
filter is also added for comparison purposes. Extracted from [94].
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In addition, since the conventional CRLH line has the same circuit model as that of a
third-order band-pass filter, several authors have presented different topologies based
on or inspired by metamaterial concepts.

In [95], the CRLH line based on CSRRs was applied to the design of a wideband
band-pass filter. To this end, three identical balanced CRLH lines were cascaded. In
Figure 2.36(a) the layout of the filter is depicted, in which interdigitated capacitors were
required to meet the specifications. Figure 2.36(b) also shows the frequency response,
where a wideband and flat response is obtained, albeit with the drawback of a poor
frequency selectivity at the upper band edge.
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Figure 2.36. Layout (a) and frequency response (b) of a filter formed by three identical balanced
CRLH lines. Extracted from [95] (a) and [48] (b).
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Figure 2.37. Layout (a), simulated (b) and measured (c) frequency response of a filter formed
by three identical hybrid CRLH lines. In (b) the simulation of a conventional microstrip coupled-
line filter is also added for comparison purpose. Extracted from [97].
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Figure 2.38. Layout (a) and frequency response comparison of the electromagnetic simulation
(dashed line) and measurement (solid line) (b). Extracted from [95].

In order to improve this latter aspect, in [96], [97] an additional shunt inductance was
added to the basic CSRR unit cell, renaming the resulting line as the hybrid cell, shown
in Figure 2.37(a). A richer dispersion diagram arises, with three propagation bands and
a transmission zero. This transmission zero can be applied for narrow-band band-pass
filters if the first left-handed band is considered, as shown in Figure 2.37(b), where a
better stop-band rejection is obtained if compared with the initial CSRR unit cell or with
a conventional microstrip coupled-lines filter (the latter is also depicted in the figure).

Moreover, if the balanced condition is forced on these hybrid cells, wideband
responses such as those shown in Figure 2.38 can be obtained [95], with the resulting
compact dimensions. Nonetheless, in these latter cases an accurate equivalent circuit
that models the whole band has been found to be very complex, thus complicating the
design process and/or the fulfillment of specific requirements. To this end, in chapter 3,
an alternative approach based on open resonators will be considered for wideband
filters, with the main advantage of presenting an accurate circuit model that is valid
throughout the band, thus simplifying the design process.

In summary, this has been an introductory chapter, where the state of the art on
miniaturization of planar microwave components (mainly focused on the devices
considered in this thesis) has been reviewed. We have also introduced the
metamaterial transmission line concept, with special emphasis on the CRLH line.
Additionally, we have provided the fundamental theory for the design of devices based
on metamaterial transmission lines and some applications have been reviewed, with an
eye towards size reduction, multi-band components and planar filters.
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CHAPTER 3

Artificial lines based on OSRRs
and OCSRRs and applications

After applying the SRR to the synthesis of left-handed structures and artificial
transmission lines, several authors have studied the possibility of implementing split
rings with smaller size or different properties. By these studies, new patrticles such as
the non-bianisotropic split ring resonator (NB-SRR), the archimedean spiral resonator
(ASR) or the already mentioned spiral resonator (SR) and its dual counterpart CSR
have appeared, among others [53], [98] - [100].

In 2004, Martel et al. presented the OSRR, considering this resonator as the open
version of the SRR [101]. In this case, the term "open" denotes that this resonator
presents two metallic terminals by which the particle can be excited either by a voltage
or current source, unlike the SRRs or CSRRs, which are driven by magnetic or electric
coupling. Afterwards, in 2009 Vélez et al. presented the OCSRR, obtained by applying
duality to the OSRR, in the same manner that the CSRR was obtained from the SRR
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[102]. Through these works, as well as [103], [104], these particles have been proven
to be suitable for the design of band-pass filters by means of coupling either OSRRs or
OCSRRs through impedance inverters.

In this chapter, the study to design artificial lines through the combination of these
particles altogether will be presented. As will be seen, if these lines are applied to
band-pass filters, a further miniaturization will be achieved in comparison with the
above-mentioned approaches due to substitution of the impedance inverters with
electrically small resonators.

In addition, the resulting artificial lines will have a similar behavior to those
implemented by the CL-loaded approach, where no additional transmission zero below
the frequency band will be present compared to the case of the SRR- or CSRR-based
CRLH lines. Although this transmission zero could be useful for certain application
such as filters, for other applications like dual-band components it tends to limit the
operating bandwidth of the first band [84]. This new approach overcomes this
drawback. To demonstrate this, a dual-band impedance inverter and power divider will
be presented.

Furthermore, these open particles (combined with additional semi-lumped elements),
will also be applied in section 3.3 to the design of E-CRLH lines. Such lines will enable
the design of quad-band components and dual-band Chebyshev band-pass filters,
where the full compatibility with planar technology as well as the detailed procedure for
the synthesis of these lines using its circuit models will reveal a clear advantage in
comparison to the already existing E-CRLH lines [87] - [91].

The electromagnetic and circuit simulation of all the devices that will be presented are
obtained by means of the commercial software Agilent ADS/Momentum. The
fabrication process of all these devices is based on standard photo/mask etching
techniques. The measurement is obtained by means of the Agilent E8364B vector
network analyzer.

3.1 The open resonators: topology and circuit
model

Figure 3.1 shows the topology and equivalent circuit model of the OSRR and OCSRR.
As was discussed in [101], the OSRR can be considered as a series LC resonator,
where L is equivalent to the inductance of the SRR, i.e., the inductance of a closed
ring of average radius r, = rey - € - d/2 and width c¢. On the other hand, Cs is four times
the capacitance of the SRR, since in the SRR the upper and lower halves were series
connected, whereas in the OSRR a distributed capacitance between the whole inner
and outer rings is obtained. Thus, given the same dimensions and substrate, the
resonance frequency of the OSRR is roughly half that of the SRR. In a similar manner,
the OCSRR can be modeled as a parallel LC resonator, where C, is equivalent to the
capacitance of the CSRR, i.e., the capacitance of a disk of radius r, - ¢/2 surrounded by
a metallic plane at a distance c from its edge.
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Figure 3.1. Topology and circuit model of the OSRR (a) and OCSRR (b).

On the other hand, L, is four times the inductance of the CSRR, since it is the
inductance of the metallic strip between the rings slots. Hence, given the same
dimensions and substrate the OCSRR resonates at roughly half the frequency of the
CSRR. For this reason, in view of the fact that both OSRRs and OCSRRs are twice as
electrically small as their equivalent SRR and CSRR, respectively, the suitability of
these particles to obtain compact microwave devices can already be envisaged, where
the element values can be inferred according to the models reported in [53], [100] for
the SRR and CSRR and their relation with the open particles [101], [102].

Since the OSRRs and OCSRRs are complementary particles, it is expected that their
resonance frequencies will be roughly the same (provided identical dimensions and
substrates are considered), as occurs with CSRRs and SRRs. With these latter
particles, this aspect has been theoretically demonstrated and experimentally validated
in [53]. Nonetheless, in the case of the open particles there is a higher degree of
freedom on the dimensions, since the models do not account for the length of the
connecting terminals of the resonators or the size of the ground plane window for the
OSRR. Then, since these latter additional parameters do affect the frequency response,
the duality between OSRR and OCSRR will not be as accurate as that between the
SRR and CSRR. Additionally, although the presented models in Figure 3.1 describe
the physical behavior of these particles to a good approximation, in order to accurately
use these resonators in microwave applications, the parasitic effects when these
particles are coupled to a host line must be taken into account.

In the following section, the topology and circuit models of OSRR- and OCSRR-
loaded CPW and microstrip transmission lines will be studied. Moreover, a parameter
extraction method to infer the element values of the CPW circuit model will be provided.

3.1.1 Circuit models of the open particles in CPW technology

Figure 3.2 shows the topology and electromagnetic simulation of the frequency
response of an arbitrary series connected OSRR in a CPW host transmission line,
where the asymmetry in width and length of the terminals is chosen in order to match
the particle to the ports. As can be seen from the S-parameters, the resulting frequency
response in magnitude is the characteristic response of a series LC resonator, with a
resonance frequency close to 3 GHz in this case.
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Figure 3.2. Topology (a) and electromagnetic simulation of the frequency response (magnitude)
(b) of a series connected OSRR in a CPW transmission line. This structure has been
implemented on the Rogers RO3010 substrate with thickness h = 0.254 mm and measured
dielectric constant g = 11.2. The dimensions are: W =5 mm, G = 0.55 mm, re,; = 1.6 mm and ¢
=d=0.2mm.

In order to study the phase variation, Figure 3.3 also shows the S;; in the Smith Chatrt,
and the phase of S,; corresponding to the topology of Figure 3.2(a). The expected
behavior of an ideal LC series resonator, with an S;; allocated in the unit resistance
circle of the Smith Chart at all frequencies is not obtained, and the phase of S,; exhibits
a shift of roughly 20° at resonance. Thus, this fact invalidates the possibility of
considering a series OSRR in CPW technology merely as a series LC resonator. An
easy procedure to deduce the circuit model that accurately describes the behavior of
the resonator is by analyzing the series and shunt impedances of the equivalent T- or
-circuit model. These reactances can be obtained from simulation by means of the
well-known S-parameters transformations [1]. The reactances of the m-model of the
structure of Figure 3.2(a) are depicted in Figure 3.4.

Through this analysis, it can be deduced that the series reactance of the OSRR
behaves as that of a pure series LC resonator in the region of interest. To prove this
fact, a circuit simulation of a series LC tank has also been added in the figure, where a
perfect fitting can be appreciated in the region of interest. Furthermore, an additional
shunt capacitive effect is appreciated by inspection of the parallel reactance, where the
symmetric condition is satisfied (Xp1 = Xp2). The response perfectly fits the curve of a
capacitor in the region of interest. Nonetheless, a small resonance can be appreciated
in the parallel reactance below the resonance frequency, in this specific case being
practically nil, but becoming very pronounced in certain cases. Specifically, the
reactances X,;, Xp2 exhibit opposite resonances (one tends towards —oo whereas the
other towards ).

Therefore, from the Foster theorem it can be deduced that since a negative
reactance slope is present, the resulting circuit cannot be modeled with a T- or -
model by means of a combination of reactive elements. This is due to a series
inductance at the terminals of the shunt capacitances, which prevents the possibility of
obtaining an equivalent T- or m-model. Nonetheless, this effect has been
experimentally proven to be negligible both in magnitude and in phase, even in the
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cases where it is abruptly present in reactance. For this reason and for design
purposes, these inductances will be neglected in CPW technology.

Consequently, the aforementioned results can be interpreted as if the particle under
study were to behave as a series LC resonator with an additional phase shift. Thus, the
resulting equivalent circuit is that shown in Figure 3.5(a), which can be simplified to that
of Figure 3.5(b) [105]. One of the advantages of the equivalent circuit shown in Figure
3.5(b) is that it allows an easy parameter extraction method. This method, explained in
Appendix A, enables the possibility of inferring the element values of the OSRR for an
arbitrary topology with an electromagnetic lossless simulated response.
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Figure 3.3. Representation of S;; in the Smith Chart (a) and phase of S,; (b) of the topology of
Figure 3.2(a).
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Figure 3.4. Series xs (a) and parallel xp1, X2 (b) reactances of the asymmetric m-model
extracted through the S-parameters transformations of the electromagnetic and circuit
simulation of the OSRR shown in Figure 3.2(a). The element values of the equivalent circuit in
reference to Figure 3.5(b) are: C = 0.189 pF, L's = 5.55 nH and C, = 0.58 pF.
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Phase shifting lines

Figure 3.5. Circuit model of a series OSRR in CPW technology (a) and simplified model (b),
where L's = Lg + 2L.
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Figure 3.6. Electromagnetic and circuit simulation of the structure of Figure 3.2(a). Magnitude

(a); Smith Chart (b). The element values of the equivalent circuit inferred by parameter
extraction in reference to Figure 3.5(b) are: C =0.189 pF, L’s =5.55 nH and C, = 0.58 pF.

By way of example, Figure 3.6 shows the comparison between the electromagnetic
and circuit simulation of the OSRR shown in Figure 3.2(a), where the element values
have been inferred by this parameter extraction method. As can be appreciated from
Figure 3.6, good agreement between circuit and electromagnetic simulation is obtained,
thus validating the parameter extraction method, as well as the proposed circuit model.

A similar phenomenology arises if the same study is carried out with an OCSRR-
loaded CPW transmission line, having to consider the phase shift to predict the
frequency response of the structure. Figure 3.7 shows the topology of a pair of shunt
connected OCSRRs, as well as the resulting equivalent circuit [105]. In order to prevent
the slot mode, the different ground plane regions are connected through strips (etched
in the ground plane) and vias. This forces the same potential between the different
ground plane regions. An additional strip to connect the ground planes at both sides of
the central strip could also be considered, with the additional effect of enhancing the
shunt capacitance to ground, as shown in the topology of Figure 3.8(a).

As well as with the OSRR, a parameter extraction method for the OCSRR has also
been deduced and reproduced in Appendix A. By means of the proposed equivalent
circuit, as well as with this parameter extraction method, the comparison between
electromagnetic and circuit simulation of an arbitrary OCSRR is shown in Figure 3.8,
where the good agreement around the resonance frequency between the curves
validates both the parameter extraction method and the circuit model. Nonetheless, a
slight disagreement at lower frequencies and a more pronounced disagreement above
the resonance frequency (above 4 GHz) are appreciated. This is due to the connection
between the central strip of the CPW transmission line and the inner metallic region of
the OCSRR, which generates an inductive effect in series with the shunt resonator.
Hence, in order to consider this particle for applications where a prediction far below
and beyond the resonance frequency is required, such as wideband devices, this
additional inductive effect should be taken into account. Figure 3.9(a) shows the
resulting wideband circuit model of an OCSRR-loaded CPW transmission line, where
the approach of considering that the shunt capacitances C could still be absorbed by
C', regardless of the presence of L, has been considered.
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Figure 3.7. Topology (a), circuit model (b) and simplified circuit model (c) of a pair of shunt
connected OCSRRs in a CPW transmission line, where L', = L,/2, C', = 2(C+C,).
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Figure 3.8. Topology (a), frequency response (magnitude) (b) and representation of the S;; in
the Smith Chart (c) corresponding to a pair of shunt connected OCSRRs in a CPW transmission
line with reyy = 1.2 mm, ¢ = 0.2 mm, d = 0.6 mm, W =5 mm and G = 0.55 mm. The width of the
strip connecting the different ground planes is 0.55 mm. The structure has been implemented
on the Rogers RO3010 substrate with thickness h = 0.254 mm and measured dielectric
constant g = 11.2. The element values inferred by the parameter extraction method in reference
to Figure 3.7(c) are: L = 0.32 pF, L}, =0.983 nH and C’, = 2.85 pF.
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Figure 3.9. Wideband circuit model (a) and frequency response (magnitude) (b) of the pair of
shunt connected OCSRRs shown in Figure 3.8(a). The element values inferred by the
parameter extraction method are: L = 0.345 pF, L, = 0.94 nH, C’, = 2.98 pF and L, = 0.185 nH.

Moreover, Figure 3.9(b) shows the comparison between electromagnetic and circuit
simulation of the same topology of Figure 3.8(a) but considering this additional
inductance Lg,, where a parameter extraction method that also considers this element
has been considered and reported in Appendix A.

As can be observed, a more accurate agreement is achieved, predicting the position
of the transmission zero due to the resonance of the complete shunt branch.
Consequently, depending on the application and design requirements, this more
accurate or wideband circuit model will be considered.

3.1.2 Circuit models of the open particles in microstrip
technology

Figure 3.10(a) shows the topology of a series connected OSRR in microstrip
technology. In this case, a ground plane window is required, in addition to the
asymmetric access lines to match the resonator to the ports (as was also done in CPW
technology).

In Figure 3.10(b)-(d) the magnitude and phase response of the structure is depicted.
As can be appreciated, in microstrip technology the OSRR presents a second
resonance frequency near the fundamental resonance. This resonance frequency can
be moved farther away as the substrate gets thinner. Nonetheless, for substrates as
thin as 0.254 mm (such as that corresponding to Figure 3.10), this resonance is still
very close, which can be problematic both for the circuit model accurateness, as well
as for its applications. Furthermore, by inspection of the Smith Chart it can be deduced
that the response is asymmetric (this is also true if the terminals accessing the rings
are symmetric), and with a S,; phase shift at the resonance frequency above 60° (in
comparison with the 20° S,; phase shift of the OSRR in CPW technology).
Consequently, in order to model the higher phase shift, additional elements will have to
be considered.
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Figure 3.10. Topology (a), frequency response (magnitude) (b), representation of the S;; and
S, in the Smith Chart (¢) and phase of S,; (d) obtained by electromagnetic simulation of a
series connected OSRR in microstrip technology with rey =4 mm, ¢ = 0.4 mm and d = 0.2 mm.
The considered substrate is the Rogers RO3010 with thickness h = 0.254 mm and dielectric

constant & = 10.2.

By performing a similar process as that reported with CPW technology, analyzing the
impedances, the circuit model of Figure 3.11 is obtained, where additional parameters
in comparison with the series connected OSRR in a CPW transmission line are
required [105]. In fact, the model of Figure 3.11 is also valid for CPW technology, but
since the resonator in the latter case has a much smaller phase shift, the inductances
at the terminals of the capacitance can be neglected and the shunt capacitances
considered as equal (C; = C,).

One of the disadvantages of this microstrip model is that the parameter extraction
method presented for CPW technology cannot be considered, since it does not have
an equivalent rr-circuit model composed solely of reactive elements.

Figure 3.11. Circuit model of a series connected OSRR in microstrip technology.
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Figure 3.12. Electromagnetic and circuit simulation of the structure of Figure 3.10(a). Frequency
response (magnitude) (a); Representation of the S;; in the Smith Chart (b); Representation of
the S,, in the Smith Chart (c). The element values in reference to Figure 3.11 are: L’s = 12.93
nH, C;=1.33 pF, C; =1.38 pF, C, =0.98 pF, L, = 0.8 nH and L, = 0 nH.

Additionally, the equivalent circuit has six unknowns, which complicates the
possibility of obtaining a parameter extraction method. Thus, in order to design
microwave components, a manual curve fitting will be required.

In Figure 3.12 a comparison between electromagnetic and circuit simulation of the
topology of Figure 3.10(a) is shown, where the element values have been inferred by
curve fitting both responses. Good agreement in magnitude and phase is obtained
below and around the resonance frequency, failing the model at higher frequencies.

On the other hand, if an OCSRR is shunt connected in a microstrip line, the resulting
equivalent circuit is simpler than its CPW counterpart. This can be deduced by
inspection of the topology and the electromagnetic simulated response as shown in
Figure 3.13. In this case, we have the characteristics of a pure parallel LC resonator,
mostly due to the elimination of the terminals that connect the rings to the ports.

Thus, it is now possible to consider a pure parallel LC resonator as the equivalent
circuit model for the shunt OCSRR in microstrip technology. In order to verify this
assumption, in Figure 3.13 the circuit simulation of a shunt resonator has also been
added, appreciating a good agreement throughout all the band of interest. In addition,
the inductive effect in series with the shunt resonator is also present in this case, being
again possible to obtain a wideband model by considering this additional element.
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Figure 3.13. Topology (a), Smith Chart (b) and frequency response (magnitude) (c) of the
electromagnetic and circuit simulation of a shunt OCSRR in microstrip technology with rey =
2.7mm, c = 0.2 mm and d = 1.2 mm. The considered substrate is the Rogers RO3010 with
thickness h = 0.254 mm and dielectric constant & = 10.2. The element values of the shunt
resonator in reference of Figure 3.1(b) are: L, = 2.02 nH and C, = 5.25 pF.

3.2 Implementation and applications of CRLH
lines with open resonators

In this section, the possibility of implementing CRLH lines by means of the
combination of OSRRs and OCSRRs in CPW and microstrip technology will be
examined. By means of these lines, microwave devices such as dual-band
components or wideband band-pass filters will be implemented. Since in the previous
section the drawbacks of microstrip technology have been predicted, special emphasis
will be placed on CPW technology, dedicating only the last section demonstrating the
possibilities of artificial lines implemented in microstrip technology.

3.2.1 Design and applications of CPW CRLH lines

Figure 3.14 shows the typical topologies to implement CRLH line unit cells based on
the combination of series connected OSRRs and shunt connected OCSRRs in a CPW
host line. In Figure 3.14(a), the canonical T-model unit cell of the CRLH line of Figure
2.11(a) is sought. Consequently, series connected OSRRs are hosted at the external
stages and a pair of shunt connected OCSRRs are hosted in the central stage.
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Figure 3.14. Typical CPW topologies to implement the T-(a) or m-(b) model unit cell of a CRLH
transmission line based on a combination of OSRRs and OCSRRs. For the structure (a) with
series connected OSRRs in the external stages and a pair of shunt connected OCSRRs in the
central stage, the considered substrate is the Rogers RO3010 with thickness h = 1.27 mm and
measured dielectric constant & = 11.25; For the structure (b) with OCSRRs shunt connected in
the external stages and a series connected OSRR in the central stage, the considered substrate
is the Rogers RO3010 with thickness h = 0.254 mm and measured dielectric constant ¢ = 11.2;
Dimensions are: (a): | =12.4 mm, W =5 mm and G = 1.16 mm. For OCSRR: re = 1.8 mm, ¢ =
0.5mm and d = 0.3mm. For OSRR: rey =2mm and c =d = 0.2mm; (b): | = 74 mm, A =
11.5mm, W =45 mm and G = 0.52 mm. For the OCSRRS: reyy =1.2 mm, ¢ =0.2 mm and d
= 0.2 mm. For the OSRRS: re, =1.8 mm, c = 0.2 mmand d = 0.3 mm.

Figure 3.15. Circuit models of the unit cells of a CPW CRLH transmission line based on a
combination of OSRRs and OCSRRs, considering the topology of Figure 3.14(a), (a), and the
topology of Figure 3.14(b), (b).

On the other hand, the topology of Figure 3.14(b) considers the canonical m-model
unit cell of the CRLH line based on Figure 2.11(b), resulting in a pair of shunt
connected OCSRRs at the external stages and a series connected OSRR in the central
stage. Figure 3.15 also shows the equivalent circuit models in both cases considering
the circuit models obtained in section 3.1.1 (where the simple OCSRR model without
the additional parameter Lg, is initially analyzed).
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Figure 3.16. Bloch impedance (a), dispersion diagram (b) and S-parameters (c) of a balanced
and unbalanced CRLH line composed of the circuit of Figure 3.15(b). The values of the
equivalent circuit in reference to Figure 3.15(b) are: For the balanced line: C = 0.4 pF, L' =
5.55nH, C; = 0.598 pF, L = 0.4 nH, C', = 2.083 pF and L', = 0.94 nH. For the unbalanced line:
C=04pF, L's=4.944nH, C;=0.632 pF, L=0.4nH, C', = 2.25 pF and L', = 0.94 nH.

As can be seen from Figure 3.15(a)-(b), the equivalent circuit tends towards the
canonical circuit of a CRLH line as the parasitics L, C tend towards zero. If they are not
negligible, a CRLH line behavior is still obtained, although these parameters will have
to be taken into account in the design process.

One of the consequences of the presence of these parasitics is that in order to obtain
a balanced CRLH line, the condition of an equal resonance frequency of the series and
shunt resonator will not have to be satisfied. This is because if the latter case occurs,
then at this resonance frequency, the parasitics will play a role, with the resulting non-
zero phase shift. This can be observed from Figure 3.16, where arbitrary balanced and
unbalanced lines formed by the circuit of Figure 3.15(b) with the same parasitics are
compared. Although the balanced condition can still be satisfied both in the dispersion
diagram and in the impedance with the proposed equivalent circuits, this leads to an
asymmetric magnitude response. Therefore, to obtain an equal-ripple magnitude
response, the impedance and dispersion diagram must be unbalanced.

Figure 3.17 shows the first realization of an arbitrary CRLH line based on open
resonators [105]. The response corresponds to the topology of Figure 3.14(a), where
its characteristic behavior can be appreciated, with a left- and right-handed propagation
band.
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Figure 3.17. S-parameters (a), dispersion diagram (b) and Bloch impedance (c) of the structure
of Figure 3.14(a). The values of the equivalent circuit in reference to Figure 3.15(a) are: C =
0.24 pF, L's =6.76 nH, C; = 0.95 pF, L =0.56 nH, C'y = 2.44 pF and L', = 2.53 nH.

Another aspect to highlight is the agreement between circuit simulation and
electromagnetic simulation/measurement, which not only validates the parameter
extraction method, but also demonstrates that the coupling between the resonators is
negligible. Thus, for all the applications that will be shown, it will be possible to design
and force the specifications directly to the isolated resonators.

Figure 3.18 shows a CRLH line with a flat band response, which could be applied to
the design of band-pass filters [106]. By inspection of the dispersion diagram and Bloch
impedance, it can be seen how although a flat response is obtained, the balanced
condition is not actually satisfied, with a small gap due to the presence of parasitics
(the smaller the parasitics, the smaller the gap will be).

Moreover, the parasitic effects can be drastically minimized if the terminals of the
OCSRR are shortened in the topology of Figure 3.14(b) (with the equivalent circuit of
Figure 3.15b). By means of this technique, the parasitic element L of the OCSRR
vanishes, and therefore the structure tends towards the canonical CRLH line model,
since the parasitic effect C of the OSRR is added to the shunt capacitance of the
OCSRR. A similar phenomenology can be obtained with the topology of Figure 3.14(a)
(with the equivalent circuit of Figure 3.15a), where if the gaps of the CPW line are

expanded, the parasitic effect C tends towards zero and the parasitic element L is
absorbed by the series resonator.
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Figure 3.18. Topology (a), frequency response (b), dispersion diagram (c) and Bloch
impedance (d) of the unit cell of a CPW quasi-balanced CRLH line based on open resonators.
The considered substrate is the Rogers RO3010 with thickness h = 1.27 mm and dielectric
constant &= 10.2. Dimensions are: | =12.3 mm, W =5 mm and G = 1.28 mm. For the OCSRR:
fext =2.9mm, c=0.5mmandd=1.2 mm. For the OSRRs: rexy=2mmandc=d =0.2 mm.

This phenomenology has been studied with the layout of Figure 3.14(b) and applied
as an example to obtain a third-order Chebyshev band-pass filter, with 0.07 dB ripple,
central frequency f, = 2.8 GHz and fractional bandwidth FBW = 50% [107]. To this end,
the models presented in [53], [100] for the SRR and CSRR and their relation with the
open particles ([101], [102]) have been considered to obtain an initial layout of the
OSRR and OCSRR. Afterwards, by means of the parameter extraction method the
particles were optimized until they met the specifications (considering the capacitance
C as part of the shunt capacitance of the band-pass prototype). Nonetheless, since the
purpose of this design is to study the reduction of the parasitics’ effects rather than to
design a filter with a very good rejection, this latter aspect has not been optimized,
leaving this issue to the filter section 3.2.1.2. Figure 3.19 shows the resulting dispersion
diagram and frequency response (magnitude). Given that the length of the OCSRR
CPW terminals has been minimized, a parasitic inductance of L = 0.05 nH is achieved,
leading to an almost continuous transition between the left- and right-handed band.
Moreover, a very good agreement between electromagnetic and circuit simulation in
the band of interest is obtained, the model failing at higher frequencies since the
wideband model of the OCSRR has not been considered, as already explained in
section 3.1. Hence, by a proper design, it is also possible to obtain almost negligible
effects of the parasitics in order to obtain a purely CRLH behavior if needed.
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Figure 3.19. Dispersion diagram (a) and frequency response (b) of the CPW quasi-balanced
CRLH line based on open resonators shown in Figure 3.14(b). The values of the equivalent
circuit in reference to Figure 3.15(b) are: C = 0.19 pF, L = 0.05 nH, Cs = 0.515 pF, L's = 6.16 nH,
Cp,=1.91pF and L', = 1.55 nH.

After the implementation of CRLH lines by means of open resonators has been
validated, the potential applications of these lines will be studied in the following
sections, examining in this thesis the design of dual-band components and wideband
band-pass filters. Moreover, although it has been proven that given certain
requirements it is possible to minimize the parasitics in order to become almost
negligible, in the following sections the more general case with non-negligible parasitics
will be considered.

3.2.1.1 Dual-band components

As discussed in section 2.3.2, one of the advantages of artificial lines is the possibility
of forcing a phase and impedance condition at two arbitrary frequencies f; and f,. The
most common application of this is the implementation of dual-band impedance
inverters, which are useful for designing many planar microwave devices such as
power dividers or couplers. Therefore, the requirements in these cases force an
electrical length for the artificial lines of B/ = +90° and impedance Z, at two arbitrary
frequencies. In [84], these requirements were obtained by forcing the above conditions
through the propagation constant defined in (2.16) and the Bloch impedance given by
equation (2.20), leading to

Zs(w)lt, = —jZ, (3.1)
Zs(w)l, = +jZa (3.2)
Zp()|, = +iZa (3.3)
Zy(), = —iZa (3.4)

Therefore, knowing the series and shunt impedances of the CRLH line, the element
values of the circuit model can be inferred. To this end, the impedances of the structure
formed by the cascaded OSRR-OCSRR-OSRR stages such as that shown in Figure
3.15(a) are calculated by means of the [ABCD] matrices, resulting in
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—[(1 = wPL'sCs) + Lw?(CL'\Csw? — C — Cy)]

Zy(w) = 1 (3.9)
w [cs + Cuw? (CL(wZL'scS 1) —2CL— L',Cqy + E)]
—jwL’,Cg?
Zp(w) = TN A > > (3.6)
(1 — W LpCp)C1 + Cw CQ(CL(,U C2L2 - 2C1L1)
with
(U2
w2
C2 = 2CS + C<1 - w—s2> (38)
I wz
L1:Lp+L 1—w—p2 (39)
w2
L, = 2L',,+/_<1 ——2> (3.10)
(4]
L 3.11
Wg = .
T Jc. (3.11)
1
Wp =

where OSRRs with identical element values C, L’s and C,, at the external stages have
been considered. By forcing equations (3.5) - (3.6) to fulfill the above cited conditions of
equations (3.1) - (3.4) at the operating frequencies of the dual-band impedance inverter,
four conditions result. However, we have six unknowns. Hence, in a first step, the
parasitic elements L and C will have to be estimated or considered null in order to
obtain the other four elements (which are analytically determined).

Then, the initial layout of the OSRR and OCSRR can be obtained by means of the
models reported in [53], [100] - [102], and later optimized with the parameter extraction
method until the resonator element values are identical to those inferred in the first step.
Afterwards, the parasitics obtained from this layout optimization are introduced to
equations (3.1) - (3.6) again to obtain the final element values considering the
parasitics. Lastly, the final layout is implemented in order to satisfy the four cited
conditions.

Throughout this methodology, a dual-band impedance inverter with an electrical
length B/ = +90° and impedance Z, = 35.35 Q at the frequencies of f; = 2.4 GHz and f,
= 3.75 GHz is designed [106]. With these conditions, the element values without
considering the parasitics are initially calculated (in reference to Figure 3.15a): C =
OpF,L=0nH, Cs=0.68 pF, L’s=4.17 nH, C},= 3.34 pF and L, = 0.84 nH. Afterwards,
the initial layout is obtained and the parasitics inferred by parameter extraction method.
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With the consideration of these parasitics, the element values that satisfy the
requirements are analytically recalculated, as: C = 0.2 pF, L = 0.25 nH, Cs= 0.66 pF,
L’s=3.74nH, C,=2.99 pF and L}, = 0.83 nH. Then, the final layout is obtained through
an optimization process with the parameter extraction method.
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Figure 3.20. Layout (a) and simulated Bloch impedance and dispersion diagram (b) of the dual-
band impedance inverter based on a combination of series OSRRs in the external stages and
shunt OCSRRs in the central stage. The substrate is the Rogers RO3010 with thickness h =
0.635 mm and dielectric constant g = 10.2. Dimensions are: | = 9 mm, W =4 mm and G =
0.74 mm. For the OCSRRS: re=0.9 mm, ¢ =0.2 mm and d = 0.2 mm. For the OSRRs:
fex =1.5mm,c=0.3mmandd=0.2 mm.
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Figure 3.21. Photograph (a) and frequency response (b) of the dual-band power splitter based
on the dual-band impedance inverter of Figure 3.20(a).
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The resulting structure is shown in Figure 3.20(a). The wide metallic strip in the back
substrate side has been added in order to enhance the shunt capacitance of the
OCSRR stage, as required, to achieve the electrical characteristics of the device. In
Figure 3.20(b) the circuit and electromagnetic simulation of the Bloch impedance and
dispersion diagram are also shown. These results reveal that the required
characteristics are satisfied. By cascading a 50 Q input (access) line and two 50 Q
output lines, a dual-band power splitter results. The photograph of this device, as well
as the simulated and measured power splitting and matching are depicted in Figure
3.21, where the required functionality at the two operating frequencies is achieved.

3.2.1.2 Wideband band-pass filters

Artificial lines based on open resonators can also be applied to the design of band-
pass filters. For this purpose, periodicity can be sacrificed in order to obtain standard
responses (Butterworth or Chebyshev). In this work, only the design of Chebyshev
responses is considered, given its richer phenomenology and higher selectivity.
Nonetheless, in order to obtain the desired response with the additional parasitics,
some previous steps are required. To this end, different options arise. The first option
consists of minimizing the effect of the parasitics and thus approaching the resulting
circuit model to that of the band-pass prototype, as already shown in section 3.2.1.
Nonetheless, this minimization is not always possible due to the specification
requirements. In addition, if very wideband filters are designed, the consideration of an
additional shunt inductance in series with the parallel LC tank is necessary (as
explained in section 3.1), which invalidates the possibility of adding all the OSRR
parasitic capacitances contributions to the capacitance of the shunt resonator. If the
parasitics cannot be neglected, a similar procedure to that used for dual-band devices
can be used. Hence, we first obtain the element values of the prototype Chebyshev
filter. Afterwards, by means of the parameter extraction method and the models
reported in [53], [100] - [102], we obtain the layout that satisfies the circuit conditions
without considering the parasitics. At this point, a non-optimum response will be
obtained due to interaction of the parasitics that directly affects the band-pass of the
filter.

Thus, to obtain an optimum response, the layout parasitic values are inferred by the
parameter extraction method, either with the simple or wideband model of the OCSRR
depending on the bandwidth of the filter. Afterwards, the complete structure is tuned at
the circuit level in order to find the circuit elements that satisfy the filter requirements
with these additional elements. Finally, the layout satisfying the resulting circuit
elements can be obtained with the help of the parameter extraction method. By means
of this method, a third-order Chebyshev band-pass filter with central frequency f, =
2.9 GHz, 0.02 dB ripple and 35% fractional bandwidth has been designed. The layout
and photograph of the fabricated device are shown in Figure 3.22 [106]. This filter has
been fabricated on the Rogers RO3010 substrate with thickness h = 0.254 mm and
measured dielectric constant g = 11.2, where it has been found that by using thinner
substrates the stop-band response is improved (i.e., the first spurious band due to the
distributed resonances of the resonators is shifted to higher frequencies).
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(a)

A

[

Figure 3.22. Layout (a) and top (b) - bottom (c) photograph of the CPW wideband band-pass
filter based on a combination of series connected OSRRs in the external stages and a pair of
shunt connected OCSRRs in the central stage. Dimensions are: | =9 mm, W =5 mm and G =
0.55 mm. For the OCSRR: rep = 1.2 mm, ¢ = 0.2 mm and d = 0.6 mm. For the OSRR: rgy =
1.6 mmandc=d=0.2mm.
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Figure 3.23. Frequency response simulation without losses (a); Wideband frequency response
simulation with losses and measurement (b); Group delay and detail of the insertion loss of the
circuit of Figure 3.22. The Chebyshev element values obtained from the band-pass prototype
transformations, in reference to Figure 2.11(a), are: C_= 0.27 pF, L, = 0.93 nH, Cgx= 3.3 pF and
Lr = 11.52 nH. The values of the circuit simulation considering parasitics, inferred from
parameter extraction method, are (in reference to Figure 3.15a): C = 0.19 pF, L = 0.4 nH, Cs=
0.58 pF, Ls=5.55 nH, C, = 3 pF and L}, = 0.94 nH. The modified values of the OCSRR
considering the wideband model with the additional parasitic element Ly, are (in reference to
Figure 3.9a): L =0.345 nH, C,=2.98 pF, L, =0.94 nH and Lg, = 0.19 nH.
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Figure 3.23(a) shows the electromagnetic and circuit simulation of the filter without
losses, considering for comparison purposes both the simple and wideband OCSRR
model (i.e., considering the case with and without the additional parameter Lg, in
reference of Figure 3.9a). As can be appreciated, since the fractional bandwidth of the
filter is moderate, the simple OCSRR model can still predict the band, although it
begins to fail at higher frequencies. Figure 3.23(b) also shows the wideband frequency
response of the electromagnetic simulation considering dielectric, conductor and
radiation losses, the circuit and ideal Chebyshev models, as well as the measurement
of the fabricated device. The group delay and insertion loss of the electromagnetic
simulation and measurement are also depicted in Figure 3.23(c). There is good
agreement between all the curves in the region of interest, with the first spurious band
at roughly 2.3 times the central filter frequency. Measured filter characteristics are good
with insertion losses lower than 1dB between 2.3 GHz and 3.5 GHz, and measured
return losses better than 18 dB between 2.36 GHz and 3.41 GHz. Furthermore, the
circuit simulation considering the parasitic element Lg, predicts both the band-pass and
the stop-band rejection, where due to this additional shunt inductance behavior, these
types of filters will have the advantage of a more selective upper transition band
compared to the Chebyshev responses, as well as an additional transmission zero
above the band (present at higher frequencies than those depicted for the filter shown).

The dissipation effects of the filter have also been experimentally inferred through the
Cohn formula [108] (also reported in more recent publications [26]). The average un-
loaded Q-factor of the resonators resulting from this method is Q, = 108, where the
Chebyshev prototype elements and the approximation of an equal quality factor of the
OSRRs and OCSRRs resonators have been considered.

The technique used to design this kind of filters has been proven to be simple for
small order filters and/or small parasitic elements, since the element tuning to infer the
optimum response considering parasitics is realized at the circuit level. Nonetheless, if
either the order or the parasitic element values dramatically increase, the manual
tuning of the whole structure can be a complex and time consuming task.

In these latter circumstances, an automatic optimization routine that forces the
frequency positions at the N matching points of the Chebyshev response (i.e., where
the input impedance is 50 Q) can be implemented in a commercial simulator such as
Agilent ADS, with N being the filter order. Hence, by predefining the frequency
matching positions (which are given by the Chebyshev prototype response), the
optimum circuit elements considering a set of fixed parasitics values can be
automatically obtained for any filter order or any fixed parasitic value. As an example,
this routine is applied to the already designed filter, where the final circuit elements
inferred by the parameter extraction method are considered as a starting point and
optimized to fulfill the initial filter requirements considering constant parasitics (since
these are the only non-controllable parameters). Figure 3.24(a) shows the frequency
response comparison between the circuit model and the Chebyshev response. As can
be observed, if the simple OCSRR model is considered, a nearly perfect fit between
both curves is obtained with this method, with a slight deviation only on the stop-band
rejection at high frequencies.
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Figure 3.24. Frequency response (a), Bloch Impedance (b) and dispersion diagram (c)
comparison between the ideal Chebyshev and circuit simulation obtained by automatic
matching point optimization considering both the simple and wideband model of the OCSRR.
The circuit values are: For the case of considering the simple OCSRR model (in reference to
Figure 3.15a): C = 0.19 pF, L = 0.4 nH, Cs = 0.55 pF, L's = 5.57 nH, C', = 3.17 pF and L', =
0.86 nH. For the case of considering the wideband OCSRR model (in reference to Figure 3.5b
and Figure 3.9a): C = 0.19 pF, L = 0.4 nH, Lg, = 0.19 nH, Cs = 0.52 pF, L's = 5.76 nH, C'y =
3.24 pFand L', = 0.8 nH.

On the other hand, if the same method is considered with the wideband model of the
OCSRR (i.e., considering the additional inductance Lg,) it can be seen how the same
goals are achieved, but with a slight discrepancy in return loss, as well as a higher
upper selectivity due to this factor. Moreover, in Figure 3.24(b)-(c) the Bloch impedance
and dispersion diagram comparison (which still makes sense for a third-order structure)
is also shown. As already mentioned, it can be appreciated how the unbalanced
condition in the open resonators based CPW CRLH lines is required in order to obtain
an equal-ripple magnitude response. Moreover, from these responses it can be verified
that CRLH lines based on open resonators are useful to achieve wideband standard
responses.

Once the design procedure has been established, the limitation of this approach is
studied by designing different types of bandwidths and filter orders. In order to correctly
compare the above presented filter with the forthcoming different ripple filters, the -3 dB
fractional bandwidth parameter FBW 33z can be considered, related to the fractional
bandwidth of a Chebyshev filter FBW as [109]
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FBW 348

1 1
“FBW - cosh [N acosh (W)] (3.13)

where N is the order of the filter and the ripple is given in decibels. Therefore, if a
Chebyshev response with 3 dB ripple is considered, the hyperbolic arccosine is zero
and the ratio of fractional bandwidth reduces to unity as expected, since both fractional
bandwidths are the same in this case. In a similar manner, the above designed filter
with 35% FBW presents a FBW ;g5 = 60%. Additionally, two third-order filters with fo=
2 GHz, ripple of 0.15 dB and fractional bandwidth of 70% (FBW 355 = 93%) and 90%
(FBW 345 = 119%), respectively, have been designed. The layouts and photographs of
each filter are shown in Figure 3.25 [110], [111].
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Figure 3.25. Topology (a), (c) and photograph (b), (d) of the designed third-order filter with 70%
and 90% fractional bandwidth, respectively. The considered substrate is the Rogers RO3010
with thickness h = 0.254 mm and measured dielectric constant & = 11.2. Dimensions are: (a)-(b):
[=13.38 mm, W =5mm, G =0.547 mm, a =0.16 mm, b =6.27 mm, e=0.73 mm and f =3 mm.
For the OCSRR: gy = 1.8 mm, ¢ = 0.3 mm and d = 0.16 mm. For the OSRR: ro,s = 1.7mm and c
=d =0.16mm. (c)- (d):1=12.32 mm, W =5.6 mm, G =0.574 mm and e = 1.34 mm. For the
OCSRR: ey = 2.1 mm, ¢ = 0.5 mm and d = 0.16 mm. For the OSRR: reyy = 1.9 mm, ¢ = 0.3 mm
and d =0.16 mm.
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Figure 3.26. Frequency response without losses (a), (b) and wideband frequency response (c),
(d) of the designed third-order filter with 70% and 90% fractional bandwidth, respectively. The
values of the circuit simulation considering parasitics, inferred from parameter extraction method,
are (in reference to Figure 3.15b): (a), (c¢): C =0.188 pF, L = 0.62 nH, C; = 0.85 pF, L' = 6.3 nH,
Cp=243pFand L'y, =2.7nH. (b), (d): L=0.384 nH, C, =1.79 pF and L', = 3.2 nH, Cs = 1.08
pF, L's= 4.89 nH and C = 0.182 pF. The modified values of the OCSRR considering the
wideband model with the additional parasitic element Lg, are (in reference to Figure 3.9a): (a),
(c): L=0.62nH, Cy =254 pF, L'y, = 2.56 nH and Ls, = 0.15 nH. (b), (d): L = 0.384 nH, C', =
1.779 pF, L', =3.216 nH and Ly, = 0.2 nH.

In Figure 3.26(a)-(b) the lossless frequency response comparison of these filters is
shown, including the electromagnetic simulation and the circuit simulation, considering
the simple and wideband OCSRR model (i.e., with and without considering Lgp). In
Figure 3.26(c)-(d) the wideband frequency response of these filters including
measurement is depicted. As can be seen, the higher the bandwidth, the worse the
model prediction of the upper transition band. Nonetheless, the wideband model of the
OCSRR has been proven to be useful for filters with fractional bandwidths as high as
90%. For higher bandwidth requirements, the model will not accurately predict the
upper transition band due to the limited range of operation of the lumped element
equivalent circuit model. However, since the limitation to design wider band filters
would come only from the model rather than from the layout, it would still be possible to
consider this approach for wider band filters, where enhanced nominal bandwidths in
the design could be considered to compensate the model inaccuracies. Good
agreement between the measured frequency responses and the simulations is
obtained. Wide stop-bands are achieved in both cases (the 70% fractional bandwidth
filter is free of spurious bands in the depicted range, i.e., four times the central filter
frequency).
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Figure 3.27. Topology (a), (c) and photograph (b), (d) of the designed fifth- and seventh-order
filter, respectively. The considered substrate is the Rogers RO3010 with thickness h =
0.254 mm and measured dielectric constant & = 11.2. Dimensions are: (a), (b): | = 25 mm, W =
9.23 mm, G = 0.71 mm, a = 0.4 mm, b = 10.64 mm, e = 0.96 mm and f = 3.2 mm. For the
external OSRRS: rey = 2.5 mm, ¢ = 0.3 mm and d = 0.35 mm. For the central OSRR: rey =
3.4 mm, ¢c=0.16 mm and d = 1.24 mm. For the OCSRRS: re)y = 1.4 mm and ¢ =d = 0.3 mm. (c),
(d):1=39.16 mm, W =9.23mm, G =0.712 mm, a = 0.35 mm, b =10.63 mm, e = 1.19 mm, f =
I=3.2mm,g=1mm, k=10.3 mm and p = 0.71 mm. For the OCSRRs of stages 1 and 7, rey =
1.4 mm, ¢ = 0.3 mm and d = 0.2 mm; For the OCSRRs of stages 3 and 5, rexy = 1.4 mm, ¢ =
0.3 mm and d = 0.3mm; For the OSRRs of stages 2, 4 and 6, rey; = 3.2 mm, ¢ = 0.16 mm and d
=1.02 mm.

Filter size is as small as 0.13A; x 0.15A; and 0.13A4 x 0.17A for the 70% and 90%
fractional bandwidth filter, respectively, where Aq is the guided wavelength at the central
filter frequency.

Higher order structures have also been studied [110], [111]. An order-5 Chebyshev
filter with fo= 2 GHz, ripple of 0.05 dB and fractional bandwidth of 50% (FBW 34z = 59%)
and an order-7 filter with f, = 1.87 GHz, ripple of 0.25 dB and fractional bandwidth of
53% (FBW .3 = 55%), have been designed. The layouts and photographs of these
filters are shown in Figure 3.27 and the frequency response in Figure 3.28. From this
analysis, it can be deduced that the parameter L, has to be also considered for high
order filters although the bandwidth of the filter is relatively small compared to the
cases analyzed before. This is because the small error of the simple OCSRR model is
multiplied for each OCSRR stage, resulting in higher inaccuracies both below and
above the band as the order increases (whereas for low order filters the simple
OCSRR only results in inaccuracies above the band).
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Figure 3.28. Frequency response without losses (a), (b) and wideband frequency response (c),
(d) of the designed fifth- and seventh-order filter, respectively. The element values for the circuit
simulation without considering Lg, are (in reference to Figure 3.15): (a), (c): For the external
OSRRs: C = 0.207 pF, Cs = 0.763 pF and L’s = 8.501 nH. For the central OSRR: C = 0.274 pF,
Cs = 0.436 pF and L = 13.118 nH. For the OCSRRs: L = 0.474 nH, C, =45 pF and L, =
1.224 nH. (b), (d): For the OCSRRs of stages 1 and 7, L'y, = 1.56 nH, C', = 4.34 pF and L =
0.47 nH; For the OCSRRs of stages 3 and 5, L', = 0.979 nH, C', = 6.46 pF and L = 0.501 nH;
For the OSRRs of stages 2, 4 and 6, L' = 11 nH, C; = 0.588 pF and C = 0.26 pF. The modified
values of the OCSRR considering the wideband model with the additional parasitic element Lgy,
are (in reference to Figure 3.9a): (a), (c) L = 0.385 nH, C', = 4.4 pF, L', = 1.259 nH and Ly, =
0.35 nH. (b), (d): For the OCSRRs of stages 1 and 7, L', = 1.56 nH, C', = 4.35 pF, L = 0.48 nH
and Ly, = 0.31 nH; For the OCSRRs of stages 3 and 5, L', = 1.009 nH, C', = 6.28 pF, L = 0.501
nH and Lg, = 0.33 nH.

This phenomenon can be clearly appreciated in Figure 3.28(b), where the seventh-
order filter presents a very good agreement between the circuit and electromagnetic
response around the band-pass but tends to fail at the edges if the parameter Lg, is not
considered. On the other hand, it is demonstrated that the design of high order filters is
also possible with this approach if the wideband model of the OCSRR is considered,
obtaining similar results in measurement (although higher losses are observed for the
seventh-order filter due to the non-consideration of conductor losses and fabrication
tolerances). In addition, a high selectivity is obtained, with a rejection level better than -
30 dB for at least 2.5f, and 3fy, with filter dimensions as small as 0.24A; x 0.17A; and
0.37A4 x 0.17A4for the fifth- and seventh-order filter, respectively.

Finally, although it is difficult to briefly compare the presented filters with other planar
implementations unless similar specifications are considered, the paper by Z-C. Hao
and J-S. Hong [112] devoted to the state of the art of ultra-wideband filters can be
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considered, where several recent implementations are highlighted. The combination of
size and performance of this new approach can be considered to be competitive in
comparison with the state of the art presented in [112].

3.2.2 Design and applications of microstrip CRLH lines

The study to combine both OSRRs and OCSRRs in microstrip technology has also
been examined [106]. Nonetheless, since the microstrip OSRR model is much more
complex than that in CPW technology, the parameter extraction method is no longer
valid, and a more complex design is required. Hence, a similar methodology can be
applied although with a manual curve fitting between the responses.

In order to demonstrate this possibility, a third-order Chebyshev band-pass filter with
fo = 1.3 GHz, fractional bandwidth 50%, and ripple of 0.1 dB is designed. The layout of
the final filter is depicted in Figure 3.29. The electromagnetic simulated and
experimental frequency responses of this filter are depicted in Figure 3.30(a). The
circuit simulation of the filter, as well as the ideal Chebyshev response, is also included
in the figure. The group delay and insertion losses are also shown in Figure 3.30(b).
Again, the different curves are in good agreement in the region of interest. Measured
filter characteristics are good, with insertion losses lower than 0.56 dB between 1 GHz
and 1.6 GHz, and return losses better than 16 dB between 1 GHz and 1.61 GHz. In
this case, the average un-loaded Q-factor of the filter resonators has been found to be
Q.= 181 where the Chebyshev prototype elements and the approximation of an equal
quality factor of the OSRRs and OCSRRs resonators have been considered.

Thus, the implementation of artificial lines implemented by the combination of OSRRs
and OCSRRs in microstrip technology has also been demonstrated and applied to
band-pass filters. Nonetheless, since the design is more complex, no further
applications have been considered.

@ & Ground plane window (b)

Wy

vias (c)

A
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Figure 3.29. Layout (a) and top (b) - bottom (c) photograph of the microstrip wideband band-
pass filter based on a combination of series connected OSRRs in the external stages and a pair
of shunt connected OCSRRs in the central stage. The substrate is the Rogers RO3010 with
thickness h = 0.254 mm and measured dielectric constant & = 11.2. Dimensions are: | =
22.3 mm and W = 0.21 mm. For the OCSRR: ros = 2.7 mm, ¢ = 0.2 mm and d = 1.2 mm. For the
OSRR: re =4 mm,c=0.4mmandd=0.2 mm.
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Figure 3.30. Frequency response (a), group delay and insertion loss (b) of the circuit of Figure
3.29. The element values obtained from the band-pass prototype transformations, in reference
to Figure 2.11(a), are: C_= 0.27 pF, L, = 0.93 nH, Cg= 3.3 pF and Lg = 11.52 nH. The values of
the circuit simulation considering parasitics, inferred from curve fitting are, in reference to Figure
3.1(b) and Figure 3.11: L, =0.8 nH, L,,=0.4 nH, L’s=12.93 nH, C; = 1.33 pF, C; = 1.28 pF,
C,=0.98pF, L,=2nHand C, =5.8 nH.

3.3 Implementation and applications of E-CRLH
lines with open resonators

In this section, the possibility of extending the previous concepts to design fully-
planar E-CRLH lines by means of open resonators will be studied. Since the circuit
model of these artificial lines (shown in Figure 2.14b) is formed only by shunt and
series resonators, it seems feasible to implement these lines by combining OSRRs and
OCSRRs. Nonetheless, as will be seen later, depending on the element values
required for the application, and the already mentioned OSRR limitation in microstrip
technology, the substitution of some of these resonators with other semi-lumped
elements will have to be considered.

In addition, unlike the conventional CRLH lines, both microstrip and CPW E-CRLH
lines can be modeled with the same equivalent circuit which can predict the response
at the different bands. For this purpose, the topology, accurate circuit model and
synthesis of the E-CRLH line for both technologies will be presented, demonstrating its
possible applications to the design of quad-band components or dual-band band-pass
filters.

3.3.1 Topology and synthesis of the proposed E-CRLH line

Figure 3.31 shows the topology of the proposed CPW and microstrip E-CRLH line
based on open particles [113], [114]. In CPW technology, the series and parallel LC
resonators are implemented by means of OSRRs and OCSRRs, respectively, with the
exception of the parallel resonator in the series branch, which is implemented by
parallel connecting a capacitive patch and a meander inductor. The choice of this latter
semi-lumped element instead of a series OCSRR is due to the required high ratio
between inductance and capacitance which typically results when applying this unit cell
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for the forthcoming applications. On the other hand, in microstrip technology the series
connected OSRRs can no longer be described by a simple model, as already shown in
section 3.1.2, and thus these resonators are also replaced for other semi-lumped
elements composed of meander inductors, patch capacitances and interdigital
capacitances, with an additional etching in the ground plane to avoid a high increase of
the ground plane capacitance.

Consequently, for microstrip technology the shunt connected series resonator (L,
Cs) is implemented by means of the central meander strip and a patch capacitance,
the series resonator of the series branch (Lys, Cys) is implemented by means of an
interdigital capacitor and a meander inductor and the physical realization of the parallel
resonator of the series branch (Ln, Cp) is achieved by means of an additional
meander inductor and a patch capacitance. The accurate circuit model that describes
the presented CPW and microstrip E-CRLH lines is shown in Figure 3.32. It
corresponds to the canonical E-CRLH line presented in Figure 2.14(b), though with
three additional parameters due to the parasitics (C;, C, and L).

Nonetheless, as occurred with the conventional CRLH lines implemented with open
resonators, if these parasitics are considered in the design procedure, the desired
multi-band functionality can still be obtained. To design quad-band components, the
already explained theory of section 3.2.1.1 for dual-band devices can be considered
although with the required expansion to obtain the quad-band functionality.

(a) (b)
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Figure 3.31. Topology of the proposed fully-planar CPW (a) and microstrip (b) E-CRLH line.
The considered substrate is the Rogers RO3010 with thickness h = 0.254 mm and measured
dielectric constant of & = 11.2 in CPW (a) and & = 10.5 in microstrip (b). Dimensions are: For
the CPW based E-CRLH line (a): W =4.5mm, G =0.524 mm,a=28 mm,b=3mmand | =
22.5 mm. The width and separation of all the meanders is 0.2 mm. For the series connected
OSRRS, rey = 2.6 mm, ¢ = 0. 2 mm and d = 0.15 mm; for the shunt connected OSRR, rg =
25mm, ¢ = 0.2 mm and d = 0.2 mm. For the OCSRR, rey = 1.4 mm, ¢ = 0.2 mm and d
0.6 mm. For the microstrip based E-CRLH line (b): a = 3.47 mm, b = 3.37 mm, e = 0.73 mm, f
3.17 mm, g =739 mm, i=22mmand| = 1876 mm. For the OCSRR: rg; = 2.8 mm, c =
0.16 mm and d = 1.2 mm. All the meanders have a width of 0.16 mm. The interdigital capacitors
have a width and separation between fingers of 0.16 mm. The radius of the vias is 0.25 mm.
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Figure 3.32. Accurate circuit model for the structures of Figure 3.31 divided in the series branch
(a) and shunt branch (b). The complete model is thus obtained by cascading the two-port (a), (b)
and (a), resulting in the circuit model of (c).

Focusing on impedance inverters (since it will be the building block for all the devices
that will be shown), the electrical length has to be forced to —90° at f, and f; (left-
handed bands), and +90° (right-handed bands) at f, and f,, being f; < f, < f; < f;. In
addition, if the required impedance Z, is also set at the four operation frequencies, from
equations (2.16) and (2.20) it yields

Xs(Wp) = (=1)"Z, (3.14)
Xp(wn) = (=1)™'Z, (3.15)
where n = 1, 2, 3, 4 is the frequency index, and ys(a,) and y,(w,) are the reactances of

the series and shunt branch of the T-circuit model, which for the case of the canonical
E-CRLH line model of Figure 2.14(b) are given by

Xown) =w ey 2 p (3.16)
2 2wCps 1-— wZthChS
(wp) = !
XpWn 1 1 +w2 — wCy (3.17)

wL,s — IO Ca

These reactances can also be calculated for the E-CRLH line model considering the
parasitics. This can be done by obtaining the [ABCD] matrix of the circuit model of
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Figure 3.32(c) and forcing it to be equal to the [ABCD] matrix of a T-circuit model.
Nonetheless, if the parasitic values are unknown, then the system cannot be
analytically solved. Thus, equations (3.16), (3.17) are initially considered in order to
obtain a first tentative layout to infer the parasitic elements. This layout is obtained
considering the reported models for the open particles [53], [100] - [102], the well-
known parallel plate capacitor formula, as well as the straight-line inductor
approximation [26]

B / W, +
L(nH) = 210 l[ln( )+1.193+0.2235 =k, (3.18)

W, +t
where W is the strip width, | the strip length, t the metal thickness (all given in um) and
Kqy= 0.57-0.145:In(W¢/h). Afterwards, an optimization process through the curve fitting
the reactances inferred from circuit and electromagnetic simulation is applied, where
the complete circuit values of Figure 3.32 (including parasitics) are obtained. The next
step is to analytically re-calculate the resonator elements considering the inferred
parasitics so that the required values of impedance and phase at the operating
frequencies are obtained. Consequently, equations (3.14), (3.15) are solved
considering in this case the series and parallel reactances of the equivalent T-circuit
model of the E- CRLH line model shown in Figure 3.32(c). Once all the element values
are obtained, the topology of the different resonators at the layout level is modified in
order to fit the electromagnetic simulation of each section of the structure to the circuit
simulation (this does not substantially affect the parasitics). By these means, the layout
of the whole structure which provides the required values of characteristic impedance
and phase at the operating frequencies is obtained.

3.3.2 Quad-band applications

In this section, the unit cells of the type of Figure 3.31 with its circuit model of Figure
3.32(c) will be applied to the design of quad-band impedance inverters, power dividers
and hybrid couplers.

3.3.2.1 Quad-band impedance inverters

The implementation of a quad-band impedance inverter operative at the commercial
GSM (f, = 0.9 GHz, f, = 1.8 GHz) and the GPS (f, = 1.176 GHz, f; = 1.575 GHz)
frequency bands is considered as case study [113], [114]. The characteristic
impedance has been forced to be 35.35Q at these frequencies, in order to
subsequently implement a quad-band Y-junction power divider as proof of a concept
demonstrator. The element values of the ideal circuit (Figure 2.14b) that result by
solving equations (3.14), (3.15) with ys(an) and yy(an) given by (3.16), (3.17) are Lys =
22.46 nH, Cys = 0.77 pF, Ly, = 0.88 nH, Cy, = 14.05 pF, L,s = 8.78 nH, C,s = 1.41 pF,
L, = 1.91 nH and C,, = 8.99 pF. The resulting topology following the methodology
explained in the last subsection for the CPW and microstrip based E-CRLH lines are
those shown in Figure 3.31, where the recalculated element values considering
parasitics are for the CPW E-CRLH line of Figure 3.31(a): Lys = 21 nH, Cy,s = 0.775 pF,
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Ly = 0.88 nH, Cy,, = 13.96 pF, L,s = 8.8 nH, C\s = 1.41 pF, L,, = 1.95 nH, C,, = 8.3 pF,
C; =0.41 pF, C, =0.22 pF and L = 0.4 nH, whereas for the microstrip E-CRLH line of
Figure 3.31(b) they are: Lps = 20.89 nH, C,s = 0.76 pF, Ly, = 0.89 nH, C;,, = 13.92 pF,
Lis = 8.6 nH, C,s = 1.44 pF, L, = 1.87 nH, C,, = 7.98 pF, C; = 0.37 pF, C, = 0.62 pF
and L = 0.45 nH. The electromagnetic and circuit simulated transmission and reflection
coefficients of these inverters, inferred by considering 35.35 Q port impedances, are
depicted in Figure 3.33.

For comparison purposes, the insertion and return losses, inferred from the circuit
simulation of the accurate circuit model of Figure 3.32 are also depicted in the figure.
Figure 3.33 reveals the good matching level of the ports at the design frequencies, also
confirmed by the representation of the Bloch impedance in Figure 3.34. The dispersion
diagram (shown in Figure 3.35) indicates that the required phase shift (£90°) is
achieved at each design frequency. Another aspect to highlight is the small inverter
size, i.e., for the CPW E-CRLH line 22.5 mm x 15.6 mm, which corresponds to A4/9.5 x
Ag/13.5 at the first frequency band and Ay/4.7 x A,/6.7 at the fourth frequency band; for
the microstrip E-CRLH line 18.76 mm x 14.27 mm, which corresponds to Ay/7 x A4/9.2
at the first frequency band and Ay/3.5 x A/4.6 at the fourth frequency band, with A,
being the guided wavelength. Therefore, quad-band functionality is obtained while
maintaining electrical dimensions of roughly the order of the conventional mono-band
impedance inverter for the most restrictive frequency.

EM Sim.
==Circ. Sim.

1.2 15 ’ 1.8 0.9 1.2 ‘ 1.5 1.8
Frequency (GHz) Frequency (GHz)
Figure 3.33. Simulated frequency response of the CPW (a) and microstrip (b) quad-band
impedance inverters of Figure 3.31.
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Figure 3.34. Simulated Bloch impedance of the CPW (a) and microstrip (b) quad-band
impedance inverters of Figure 3.31.
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Figure 3.35. Simulated dispersion diagram of the CPW (@) and microstrip (b) quad-band
impedance inverters of Figure 3.31.

3.3.2.2 Quad-band power splitters

The previous inverters have been used for the implementation of quad-band power
splitters [113], [114]. To this end, two 50 Q access lines have been added at the output.
The photograph of the fabricated device is shown in Figure 3.36. The measured power
splitting and matching are depicted in Figure 3.37, where for comparison purposes we
have also included the results obtained from electromagnetic simulation. The
agreement between experimental data and simulation is good, with measured return
losses better than 10 dB for the four bands both in microstrip and CPW technology.
The measured insertion losses (S;;) for the microstrip E-CRLH line are 4 dB, 5.9 dB,
6.3 dB and 4.6 dB, whereas for the CPW E-CRLH line they are 3.9 dB, 4.3 dB, 7.5 dB
and 3.9 dB at the 1%, 2" 3" and 4™ bands, respectively (Sz; roughly exhibits the same
values). We would like to highlight that the quad-band power splitter has been
fabricated from the previous inverter by merely cascading two access lines at the
output port without any further optimization.

(b)

Figure 3.36. Photograph of the fabricated CPW (a) and microstrip (b) quad-band power splitter
based on the quad-band impedance inverters of Figure 3.31.
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Figure 3.37. Simulated and measured frequency response of the CPW (a) and microstrip (b)
quad-band power splitter of Figure 3.36.

Given that the quad-band condition is normally satisfied at the edges of the plateau,
in order to increase the operational bandwidth at each band, as well as to avoid the
shifting of the band to the stop-band region, band guards can be added to guarantee
the functionality of the splitter for the GSM and GPS signals. To this end, we have
slightly shifted down the frequencies f; and f; and shifted up f, and f;, specifically
30 MHz and 20 MHz for the CPW and microstrip E-CRLH line, respectively.
Nonetheless, it has to be taken into account that with this methodology the conditions
of phase (x90°) as well as of impedance (35.35 Q) are no longer achieved at the
operation bands. However, since power dividers allow some flexibility in these values,
the presented method still provides a good performance, though it has to be
considered that for applications where these phase or impedance conditions are very
strict, the aforementioned technique cannot be considered.
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Figure 3.38. Layout of the quad-band CPW (a) and microstrip (b) power splitter with band
guards. The considered substrate is the Rogers RO3010 with thickness h = 0.254 mm and
measured dielectric constant of & = 11.2 in CPW (a) and & = 10.5 in microstrip (b). Dimensions
are: For the CPW power splitter: W = 4.5 mm, G = 0524 mm, a=3.7 mm, b=3 mm and | =
22.2 mm. The width and separation of all the meanders is 0.16 mm. For the series connected
OSRRS, Iey = 2.8 mm, ¢ = 0.3 mm and d = 0.2 mm; for the shunt connected OSRR, ro =
2.5mm, ¢ = 0.16 mm and d = 1.04 mm; for the OCSRR, rexy = 1.3 mm, ¢ = 0.2 mm and d =
0.5 mm. For the microstrip power splitter: a = 4.33 mm, b = 3.34 mm, f = 2.67 mm, e = 0.73 mm,
g=73mm,i=229 mm and | = 1857 mm. The OCSRR dimensions are: rex = 2.5 mm, ¢ =
0.16 mm and d = 1.1 mm. All the meanders have a width of 0.16 mm. The interdigital capacitors
have a width and separation between fingers of 0.16 mm. The radius of the vias is 0.25 mm.
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(a)

Figure 3.39. Photograph of the fabricated quad-band CPW (a) and microstrip (b) power splitter
with band guards.
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Figure 3.40. Simulated and measured frequency response of the CPW (a) and microstrip (b)
power splitter of Figure 3.38. The band guards are indicated in the figure.

The layout and the photograph of the fabricated splitter with band guards are shown
in Figure 3.38 and Figure 3.39, respectively, whereas the magnitude response is
depicted in Figure 3.40, exhibiting an enhanced bandwidth maintaining a comparable
performance to that of Figure 3.36 (where no band guards were present). Again, device
dimensions are small, i.e., for the CPW E-CRLH line case 22.2 mm x 17.5 mm, which
corresponds to Ay/9.6 x Ay/12.2 whereas for the microstrip E-CRLH line case 18.87mm
x 14.99 mm, which corresponds to Ay/7 x A4/8, with Ay being the guided wavelength at
the first band (900 MHz).

3.3.2.3 Quad-band branch line hybrid couplers

With the presented topologies, it is also possible to implement quad-band branch line
hybrid couplers [114]. In this thesis, we will focus on microstrip technology, since it
offers the easier implementation of such couplers. To this end, 50 Q and 35.35 Q quad-
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band impedance inverters are designed, where the topology of the 35.35 Q inverter of
Figure 3.31(b) has been slightly modified in order to connect it in a square shaped
geometry to the other impedance inverters of the branch line. The layout and
dimensions of the 50 Q and 35.35 Q inverters are depicted in Figure 3.41. From these
latter impedance inverters, we have implemented the quad-band branch line hybrid
coupler depicted in Figure 3.42. The simulated and measured frequency response of
the device is depicted in Figure 3.43. Matching in all bands is good, and power splitting
(except in the 3" band) is reasonable, taking into account the complexity of the device
and the critical dimensions of some of its constitutive semi-lumped elements.
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Figure 3.41. Layout of the 50 Q (a) and 35.35 Q (b) quad-band impedance inverter that will
form the quad-band branch line hybrid coupler. The considered substrate is the Rogers RO3010
with thickness h = 0.254 mm and measured dielectric constant of g = 10.5. All the meanders
have a width of 0.16 mm. The interdigital capacitors have a width and separation between
fingers of 0.16 mm. Dimensions are: For the 50 Q inverter (a): a = 3.04 mm, b = 2.91 mm, f =
221 mm,e =041 mm,g=7.71 mm,i=19 mm, k =0.4 mm and | = 20.44 mm. The OCSRR
dimensions are: re = 2 mm, ¢ = 0.16 mm and d = 0.6 mm. The radius of the vias is 0.15 mm.
For the 35.35 Q inverter (b): a = 3.47 mm, b = 3.37 mm, f = 3.17 mm, e = 0.73 mm, g =
8.34mm, i = 2.2 mm and | = 21.64 mm. The OCSRR dimensions are: re = 2.8 mm, ¢ =
0.16 mm and d = 1.2 mm. The radius of the vias is 0.25 mm.

Figure 3.42. Layout (a) and photograph (b) of the fabricated quad-band branch line hybrid
coupler based on the impedance inverters of Figure 3.41.
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Figure 3.43. Measured and electromagnetic simulated frequency response of the quad-band
branch line hybrid coupler of Figure 3.42. Power splitting (a); matching and isolation (b); phase
balance (c).

The measured return losses are 22 dB, 10.7 dB, 11 dB and 13 dB for the first, second,
third, and fourth bands, respectively. However, losses in the third band are not due to
an improper design, as can be deduced from the electromagnetic simulation of the
device with ohmic and dielectric losses excluded (shown in Figure 3.44 together with
the circuit simulation of the quad-band branch line hybrid coupler). Indeed, losses can
be mainly attributed to the finite conductivity of the metal, rather than to the effects of
the dielectric (this has been verified by either switching off the ohmic or the dielectric
losses in the simulations), which affects specially the third band since it is the
narrowest. Further causes of device degradation can be variations of the actual device
dimensions (due to fabrication related tolerances), as well as via metallization (the
device contains 16 vias with soldered metallic pins).

The agreement between the lossless electromagnetic and circuit simulations is good
for both the magnitude and the phase, in spite of the layout and circuit model
complexity. It is remarkable that the measured phase balance of the output ports at the
design frequencies is that corresponding to a quadrature hybrid coupler (see Figure
3.43c). This is expected on account of the phases of the transmission coefficients
between the input and the output ports for the branch line coupler (£90° for S,; and
+180° for Sz;). Such phases, which have been inferred from electromagnetic simulation
without access lines, are depicted in Figure 3.44(c), and are in good agreement with
those inferred from circuit simulation. In addition, like in conventional branch line hybrid
couplers, bandwidth is not a controllable parameter in the proposed couplers.
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Figure 3.44. Electromagnetic simulation (with losses excluded) and circuit simulation of the
guad-band branch line hybrid coupler of Figure 3.42. Power splitting (a); matching (b); phase
response (c). The circuit elements corresponding to Figure 3.32 are for the 50 Q impedance
inverter: Lys = 30.03 nH, Cps = 0.54 pH, Ly, = 1.26 nH, Cyp = 9.87 pF, Lys = 12.13 nH, C,s = 1.02
pF, Ly, = 2.65 nH, C,, = 5.31 pF, C; = 0.22 pF, C, = 0.61 pF and L = 0.45 nH. For the 35.35 Q
impedance inverter: Lys = 20.89 nH, Cps = 0.76 pF, Ly, = 0.89 nH, Cp, = 13.92 pF, L,s = 8.6 nH,
Cys = 1.44 pF, L, =1.87 nH, C,, = 7.98 pF, C, = 0.37 pF, C, = 0.62 pF and L = 0.45 nH.

The reason for this is that the number of elements of the inverters is that required to
achieve the characteristic impedance and phase at the four design frequencies. By
implementing the impedance inverters with a higher number of unit cells, it would be
potentially possible to enhance the bandwidth but at the penalty of a much larger size.

3.3.3 Dual-band band-pass filters

As already explained in section 2.3.2, E-CRLH lines also allow for the design of multi-
band band-pass filters. If the purpose is to synthesize standard responses, such as the
Chebyshev filter response, it is only possible to obtain dual-band behavior with the
network of Figure 2.14(b) since more conditions are required, such as an equal-ripple
and a fixed bandwidth at each band. This dual-band functionality can be obtained
either from dispersion and impedance engineering [91], [92] or from the low-pass filter
prototype through convenient transformations. The latter being considered, the mono-
band band-pass filter response is firstly obtained from the well-known low-pass to
band-pass transformation [25]
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Q,  FBW

Q 1 w Wy
( ) (3.19)
Wo w

with Q and w being the angular frequency of the low-pass and band-pass filter,

respectively. FBW and wy, are the fractional bandwidth and central frequency of the

band-pass filter and Q. is the angular cut-off frequency of the low-pass filter. Then, to

obtain dual-band behavior, a second transformation is applied to the mono-band band-

pass filter [43]

w =w—?(ﬂ—w—‘f) (3.20)
W \wyg W
wo — W
w'= (#) (3.21)
Wo

wy = Jw;w, (3.22)

with w' being the angular frequency of the dual-band band-pass filter and wi, w, the
angular central frequencies of the first and second filter bands. Once these
transformations are applied to the low-pass filter prototype, the circuit of Figure 2.14(b)
is obtained, provided identical fractional bandwidths for the two bands (FBW; = FBW, =
FBWpg), as well as the narrow band approximation (i.e., a fractional bandwidth of each
band FBWpg less than 10%), are considered [43]. As reported in [43], the element
values of the circuit of Figure 2.14(b) are obtained from a set of equations dependent
on the low-pass filter prototype coefficients g, Q. and on the relevant design
parameters, namely, the angular central frequencies ws, w, and the FBWpg

FBWg = FBW(%) (3.23)
Lps = gOFBZM‘Cy(QQjZZi ™ (3.24)
Chs = thl)oz (3.25)

Lpp = g’g;?lzzz;;’) (3.26)
Chp = m (3.27)

Cyp = valuoz (3.29)

75



CHAPTER 3 ARTIFICIAL LINES BASED ON OSRRS AND OCSRRS AND APPLICATIONS

FBW-Z,

L=
v gogzﬂc(WZ_w1)

(3.30)

1

Cvs =
Lvsw02

(3.31)
where the impedance scaling factor has already been considered in the above
equations.

Using this procedure, a dual-band band-pass filter that covers the GSM (0.9 GHz -
1.8 GHz) and the L1 (1.575 GHz) - L5 (1.176 GHz) civil GPS frequency bands is
designed [114], [115]. A third-order Chebyshev response with 0.01 dB ripple, central
frequencies of f; = 1.02 GHz and f, = 1.68 GHz, and 20% fractional bandwidth (i.e.,
FBW = 0.2) has been considered. Even though the narrow band approximation is not
satisfied, the filter response is in good agreement with the ideal mono-band Chebyshev
response, where only small deviations in the transition bands are observed. From the
above-mentioned filter specifications, the values of the circuit elements (Figure 2.14b)
are: Lps = 18.51 nH, Cps = 0.79 pF, Lyp, = 1.16 nH, Cy, = 12.69 pF, Lys = 10.29 nH, C\s =
1.43 pF, L, =2.58 nH and C,, = 5.71 pF.

Using the design methodology applied to quad-band impedance inverters, the filter
layout both in CPW and microstrip technology has been obtained (depicted in Figure
3.45 together with the photograph of the fabricated prototype). In this case, filter
optimization taking parasitics into account has been carried out by tuning the reactive
elements at the circuit level. The changed values considering parasitics in reference to
Figure 3.32 are for the CPW E-CRLH line: Lys = 18.8 nH, Cs = 0.81 pF, Ly, = 1.14 nH,
Cnp = 12.98 pF, L,s = 1043 nH, Cs = 1.43 pF, L, = 2.56 nH, C,, = 4.85 pF, C; =
0.24 pF, C, = 0.44 pF and L = 0.32 nH, whereas for the microstrip E-CRLH line they
are: Lps = 18.26 nH, Cys = 0.8 pF, Ly, = 1.16 nH, Cy, = 12.69 pF, L,s = 10.29 nH,
Cys = 1.43 pF, Ly, = 2.58 nH, C,, = 4.4 pF, C; = 0.33 pF, C, = 0.51 pF and L = 0.45 nH.
The dual-band band-pass frequency response comparison between electromagnetic
simulation, circuit simulation of the accurate circuit model of Figure 3.32 and the dual-
band Chebyshev response (circuit of Figure 2.14b), are depicted in Figure 3.46(a)-(b),
where good agreement between the different responses is obtained.

In Figure 3.46(c)-(f) the electromagnetic and measured wideband frequency
response is depicted, as well as the group delay. Again, the measured response is
predicted by the electromagnetic simulation, although the measured band-pass level of
the CPW dual-band band-pass filter is slightly shifted due to the consideration of only
dielectric losses in the electromagnetic simulation in this latter case. Measured return
losses at both bands are better than 14 dB for the CPW case and 20 dB for the
microstrip case, with the first spurious appearing at 3.82 GHz (2.9f,) and 4.6 GHz
(3.5fp) for the CPW and microstrip case, respectively, f, given by expression (3.22).
Moreover, the size of the filter is 20.9 mm x 17.5 mm and 19.5 mm x 13.5 mm, which
corresponds to A7 x Af/8.4, and Ay/4.5 x A,/6.6, for the CPW and microstrip case,
respectively, with Ay being the guided wavelength at f.
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(b)

(c)

(d)

Figure 3.45. Topology and photograph of the designed dual-band CPW (a), (c) and microstrip
(b), (d) dual-band band-pass filter. The considered substrate is the Rogers RO3010 with
thickness h = 0.254 mm and measured dielectric constant of & = 11.2 in CPW (a), (c) and ¢ =
10.5 in microstrip (b), (d). The dimensions are: For the CPW dual-band filter: W = 4.5 mm, G =
0.524 mm, a = 2.86 mm, b = 3 mm and | = 20.9 mm. The width and separation of all the
meanders is 0.16 mm for the semi-lumped elements and 0.2 mm for the shunt OSRR. For the
series connected OSRRS, re = 2.4 mm, ¢ = 0.2 mm and d = 0.15 mm; for the shunt connected
OSRR, ree = 2.6 mm and ¢ = d = 0.2 mm; for the OCSRR, reyy = 1.3 mm, ¢ = 0.2 mm and d
0.3 mm. For the microstrip dual-band filter: a = 3.52 mm, b = 2.85 mm, f = 2.64 mm, e
0.49mm, g =7.71 mm, i = 219 mm and | = 19.4 mm. The OCSRR dimensions are: rey =
1.95mm, ¢ = 0.16 mm and d = 0.6 mm. All the meanders have a width of 0.16 mm. The
interdigital capacitors have a width and separation between fingers of 0.16 mm. The radius of
the vias is 0.15 mm.
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Figure 3.46. Frequency response simulation without losses (a), (b), wideband frequency

response (c), (d) and group delay (e), (f) of the CPW and microstrip dual-band band-pass filter
of Figure 3.45, respectively.

3.34 Study of the limitations

We have demonstrated the quad-band functionality of several components, fully
implemented in planar technology either in microstrip or CPW technology at four
commercial bands. The element values of the equivalent circuit model (Figure 3.32)
have been found to be moderate for the different designed quad-band impedance
inverters, and as a result it has been possible to implement the different circuits in
planar technology. However, these elements depend on the relative values of the
operating frequencies and, for certain designs, it may be difficult to implement these
with semi-lumped components. Indeed, since the effects of the parasitics in the model
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of Figure 3.32 are not very critical, we can use the simpler model of Figure 2.14(b) to
estimate the values of the different elements as a function of the design frequencies
and characteristic impedance. We have thus solved equations (3.14) - (3.17)
analytically, and we have obtained the following results [114]

Z,
L;./2 = 3.32
h (wy-w3) + (W2 — wy) (3:32)
th
C 3.33
w= 5072 (3.33)
SRR NERRY
P\ w, W3 Wy (3:34)
va
Che = 3.35
hs Za22 ( )
L —Z{[(w3 — W)Wy + Wawglws — WrwzwH Wy — Wy + W3 — Wy)? (3.36)
v (W1 — w2)(Wr — w3) (W3 — Wg) (W1 — Wy (W1 + w3)(Wy + Wy)
2L s
Cy, = 3.37
hp Zaz ( )
C = —(W1 — W) (W2 — w3) (W3 — Wy) (W1 — Wy (W1 + wW3) (W + wy) (3.38)
S Z{[(ws — wywy + waws]ws — wowsw (W — wy + Wz — Wy) '
2Ly, = Z,°Cys (3.39)

According to the previous expressions, to keep all the inductances small or moderate
(large inductances limit device implementation in fully planar technology), it is
necessary that any pair of consecutive operating frequencies presents a non-negligible
frequency span (separation). On the contrary, some of the inductance values increase
substantially and jeopardize the fully planar implementation of the device. To illustrate
this, we have set f; = 0.9 GHz and f, = 1.8 GHz (the GSM frequencies considered in the
reported prototype devices), and we have calculated the values of the inductances by
varying the frequency difference between f, and f3, considering that this frequency span
is centered at (f;+f4)/2, which means that f,— f; = f,— f5. The different inductances of the
model of Figure 2.14(b) are depicted in Figure 3.47 as a function of fy;= f3— f, for the
case of Z, = 1 Ohm (so that the results are easily scalable with the inverter impedance).
At the ends of the span, at least one of the inductances tends towards infinity. For this
reason, we should avoid very close or very distant values of f; and f,. Under the
considered conditions (for the examples reported in the previous sections), the
inductances that may limit the fully planar implementation are L,s and Lys. Although the
considered frequencies in the reported examples do not exactly satisfy the conditions
of Figure 3.47, f; and f, are roughly equidistant from (f;+f,)/2 and close to the center of
the span in Figure 3.47. This explains why we have been able to implement the
reported devices by means of semi-lumped planar resonators.
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Figure 3.47. Variation of the inductances of the generalized model of Figure 2.14(b) as a
function of fy;.

Another limitation for the implementation of planar quad-band impedance inverters
may come from the frequency difference between the upper (f;) and lower (f;)
frequencies. If these frequencies are very distant, the validity of the model of Figure
3.32 (including parasitics) in the whole frequency span cannot be guaranteed, and
hence the proposed design approach may be no longer valid. It is difficult to establish a
maximum difference between f; and f; since the wideband behavior of the lumped
model of Figure 3.32 depends on the considered substrate and element values.
However, for most substrates and device specifications our experience dictates that it
is possible to achieve fully planar devices with f,/f; ratios up to 2 - 3 (being difficult to
establish an accurate limit within this interval).

Therefore, according to this discussion, it is not always possible to implement quad-
band devices in fully planar technology. Nevertheless, we have given the conditions
(concerning the relative positions of the design frequencies) that must be fulfilled for
the viability of the fully planar implementation, and these conditions have been
validated by means of the proposed examples. Obviously, it is not possible to establish
clear limits (as has been mentioned), though the contents of this discussion can be
useful as guidelines for those designers willing to implement planar multi-band
components based on impedance inverters.

In summary, the open resonant particles OSRRs and OCSRRs have been
introduced in this chapter. The accurate circuit models of these resonators loading a
CPW or a microstrip line including parasitics, have been provided. It has been
demonstrated that OSRRs and OCSRRs can be combined to implement CRLH lines.
These lines have been used for the design of compact dual-band components and
filters, with wideband response and different orders. Finally, the open resonators
combined with different semi-lumped elements have been used for the design of fully
planar quad-band components and dual-band band-pass filters on the basis of the E-
CRLH line concept.
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CHAPTER 4

Tunable artificial lines based on
open resonators

Tunable components provide the possibility of adapting themselves and operating at
different frequency bands under electronic control, hence granting the device an
equivalent multi-band functionality. In addition, if combined with artificial lines, further
advantages such as the previously mentioned impedance and phase control are
obtained.

This chapter is devoted to the analysis of the tunability of the CRLH lines proposed in
chapter 3. The tunability is achieved by means of ferroelectric materials, specifically
Barium-Strontium-Titanate (BST) thick-films, which change the electrical properties of
the structure through the application of a static electric field. As will be seen, the size,
the controllability of the different elements, and the simplicity of the biasing scheme (a
single voltage can be used to tune the whole structure) are the main advantages of this
approach.
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In section 4.1, the state of the art on tunable artificial lines is reviewed, focusing
mainly on the resonant-type approach. In section 4.2, an arbitrary tunable CRLH line
based on open resonators and BST thick-films is designed and fabricated as a proof-of
concept demonstrator. Once the approach is experimentally validated, in section 4.3
some of its potential applications are shown by presenting the design methodology of
phase shifters, tunable wideband band-pass filters and dual-band components.

4.1 State of the art on tunable artificial lines

Various authors have worked with the aim of obtaining tunable artificial transmission
lines. Regarding the CL-loaded approach, in [116] a tunable artificial line was
presented to control the radiation angle and beam width of leaky-wave antennas
through diode varactors. In [117], a tunable left-handed artificial line was implemented
with ferroelectric capacitors and applied to phase shifters, with the result of size
reduction and enhanced tunability, in comparison with conventional phase shifters. In
addition, in [69], [118], tunable artificial lines were designed with diode varactors with
the ability to control both the propagation constant and the line impedance for the
different tuning states, applying these concepts to phase shifters and impedance
matching networks.

Focusing on the resonant-type approach, SRRs and CSRRs have also been tuned
and applied to different purposes. In [119], varactor-loaded split ring resonators
(VLSRRs) were coupled to a microstrip line to obtain tunable notch filters by varying
the DC voltage of the varactors and hence the effective capacitance of the VLSRR.
Afterwards, in [120] these same resonators were considered to implement tunable left-
handed lines through the inclusion of metallic vias and series gaps. Figure 4.1 shows
both the layout and response of this latter topology. A similar methodology was carried
out with the CSRR and diode varactors (VLCSRR), having demonstrated the possibility
of obtaining tunable notch filters and left-handed lines, as shown in Figure 4.2 [121],
[122].

(a) TOP BOTTOM
—EFI—
EE
Bl

Frequency (GHz)

Figure 4.1. Layout (a) and measured response (b) of a tunable left-handed line implemented
with a pair of VLSRRs coupled to a microstrip line with metallic vias and series gaps. Extracted
from [120].
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Although varactor diodes have been proven to be useful for the low region of the
microwave spectrum, their low performance at high frequencies limits their possible
application. In such cases, MEMS are a good alternative to overcome these
drawbacks. In [123], MEMS switchable capacitors were combined with CSRR coupled
to a CPW host line to implement tunable stop-band filters at Q-band, obtaining a 20%
frequency tuning range. In Figure 4.3, the layout and topology of such configuration is
shown, where the MEMS bridges actuates in switch-mode (i.e., only on-off states are
considered). In [124], capacitive cantilever-type MEMS switches were integrated
between the inner and outer rings of SRRs in microstrip technology to implement stop-
band filters. By these means, a 4-pole reconfigurable band-stop filter was designed
cascading four cells formed by an SRR coupled on each side of the microstrip line.
Figure 4.4 shows the layout and frequency response. Through this method, the
bandwidth of the stop-band response can be controlled (or even suppressed) by
shifting the resonance frequency of the SRR through the up and down states of each
switch actuator. In [125], similar stop-band responses were obtained by considering the
MEMS as part of the SRR. Specifically, the tuning was achieved by suspending a part
of the SRR, acting as up-curved cantilevers, as can be appreciated from the non-
actuated SRR photograph of Figure 4.5. In Figure 4.5 the layouts of a two section stop-
band filter with short and long cantilever-type SRRs are also depicted, as well as their
frequency response. The tuning range is dramatically enhanced as the movable part
increases, with tuning ranges of 12% and 42% for the short and long cantilever-type
SRR, respectively.
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Figure 4.2. Layout of a VLCSRR coupled to a microstrip line (a) and frequency response and

dispersion diagram with the additional inclusion of series gaps (b). Extracted from [121].
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Figure 4.3. Unit cell and cross section of a CSRR loaded in a CPW transmission line with
MEMS (a) and simulated and measured insertion losses (b). Extracted from [123].
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Figure 4.4. Layout of the 4-pole reconfigurable band stop filter based on MEMS-loaded SRR in

microstrip technology (a) and frequency response when all MEMS are at up-state (blue) and all

MEMS are at down state (red) (b). Extracted from [124].
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Figure 4.5. Photograph of a non-actuated cantilever-based SRR (a), layout of tunable stop-
band filters based on square-shaped short (b) and long (c) cantilever-type SRR and its
measured wideband frequency response for the extreme switching states (d). Solid lines
correspond to the filter of Figure 4.5(b), whereas dash-dotted lines correspond to the filter of
Figure 4.5(c). Actuation voltage is 30 V. Extracted from [125].

Finally, BST thick-films constitute another well-known technology to add tunability to
microwave devices. Their main advantages are high power handling capabilities, fast
switching speed and low cost production [126], [127]. This re-configurability can be
obtained by screen printing a few microns thick BST thick-film under the metallization
layer of a carrier substrate, which due to its high permittivity (the dielectric constant
may typically vary between & ~ 200 - 700) results in reasonable values of effective
permittivity and tunability without the need for structures with critical dimensions [128].
By these means, tunable microstrip SRRs and OCSRRs have been presented in [129],
[130]. The layout of these tunable cells is shown in Figure 4.6. The SRR coupled to a
microstrip line can be tuned directly by applying a voltage between the inner and outer
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rings, without the need of biasing lines. On the other hand, since in the OCSRR the two
rings are electrically connected, additional biasing lines are added through the gaps of
the resonator in order to obtain the required potential.

In Figure 4.7, the frequency response of a cascade of three SRRs and OCSRRs
based on the unit cells of Figure 4.6 is shown. The frequency tunability is defined as

I = fmax - fmin (4.1)

f, min

where fin and fnax are the minimum and maximum tuning frequencies, respectively.
Therefore, a tunability of 12.6% and 12% is obtained for the tunable SRR- and
OCSRR-based structures, respectively, by applying a DC voltage from 0 V (untuned
state) up to 140 V (tuned state). A tunable band-stop behavior is observed for the
tunable SRR structure, whereas for the OCSRR structure, a tunable low-pass response
is obtained (given that its equivalent circuit is mainly the canonical circuit of an elliptic
low-pass filter, i.e., a series connected parallel LC tank and shunt-connected
capacitances to ground).

(a) s (b)

e [}
I
/
d [

Figure 4.6. Layout of the tunable SRR (a) and OCSRR (b) based on BST thick-films. Extracted
from [130].
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Figure 4.7. Frequency response of the cascade of three SRR- (a) and OCSRR- (b) stages
based on the unit cells of Figure 4.6. Extracted from [130].
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4.2 Tunable CRLH Ilines based on open
resonators and BST thick-films

In this section, the possibility of obtaining a tunable CRLH line by means of the unit
cells proposed in chapter 3 and BST thick-films is analyzed. To this end, the substrate
shown in Figure 4.8(a) is considered. It is composed of a low-loss Al,O3 ceramic carrier
substrate with permittivity & = 9.8 and height of 650 um, covered with a BaggSro4TiO3
thick-film of a few microns created through a screen printing and sintering a BST
powder-based paste [131]. On top of the BST layer, thin adhesive chrome and seed
gold layers are thermally evaporated. The loss tangent of the BST thick-film is tand =
0.016 at 3 GHz, with an untuned permittivity of & = 490, which can be reduced to ¢, =
220 by applying a DC voltage, representing a material tunability of 55%.

In order to design the desired planar structures, the geometry of the metallization is
defined through a lithography step, with the subsequent gold electroplating process to
increase the thickness of the seed gold layer to the required value (see Figure 4.8b).
Finally, an additional lithography process is considered to exploit the adhesive chrome
layer for the biasing network (see Figure 4.8c), which since its measured resistivity is
about 50 kQ/mm, will minimize or avoid its influence on the RF signals.

Considering the aforementioned substrate with a BST thick-film thickness of 7.5 ym,
a tunable CPW CRLH transmission line formed by open resonators has been designed
[132]. In Figure 4.9, the layout, the photograph and the equivalent circuit of the whole
structure is shown, taking parasitic effects and the OCSRR wideband model into
account. In this case, rather than pursuing a tunable CRLH line with specific
functionality, the main aim is to study the capabilities of these OSRR and OCSRR lines
as tunable structures based on BST thick-films. We have thus designed a line that
exhibits a characteristic impedance of 50 Q at 0.7 GHz for the untuned state. Square-
shaped OCSRRs with meandered sections have been used to reduce the electrical
size of the particle.

The OSRRs are tuned by applying a voltage between the rings, through the feeding
ports and the ground plane. This is achieved since the central strip and the ground
plane of the CPW are electrically connected through the OCSRR (this can also be
deduced from the inductive path in Figure 4.9d).

(a) (b) Gold (c) Gold
Gold 2-6 ym 2-6 um
60 nm
CUBSTON crvome Chrome Chrome

60 nm 60 nm lines
Alumina Alumina Alumina 60 nm

Figure 4.8. Fabrication process of the considered BST thick-film based substrate. Substrate
after screen printing and sintering a BST thick-film and thermally evaporating an adhesive
chrome layer and seed gold metallization (a). Substrate after the photolithography to define the
metallization and the electroplating to grow the gold layer (b). Substrate after the additional
photolithography to define the chrome lines for biasing purposes (c).
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(a)
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Figure 4.9. Layout (a) and photograph (b) of the tunable CRLH line, zoom of the OCSRR region
(c) and equivalent circuit of the whole tunable structure (d). The chrome lines are depicted in
black. Wire bondings connecting the ground planes of the OCSRR are also needed to avoid slot
modes (depicted in dark gray). Dimensions are: | = 6.9 mm, W = 2.8 mm and G = 0.72 mm. For
the OCSRR: a=3.05mm, b =1.66 mm, e =0.7 mm, f=0.26 mm, d =s = 60 um and ¢ = 10 pm,
s being the width of the biasing networks between the rings of the OCSRR. For the OSRR: rey =
1.3mm, d =10 um and ¢ = 0.16 mm.
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Figure 4.10. S-parameters for the untuned and maximum tuning states for the isolated OSRR
(@) and OCSRR (b) of Figure 4.9(a). The extracted circuit values are in (reference to Figure
4.9d): For the untuned state: OSRR: C = 0.56 pF, L’ = 6.57 nH and C; = 15.94 pF. For the
OCSRR: L =0.18 nH, L}, = 5.2 nH, C}, = 10.67 pF and Ls, = 0.95 nH. For the tuned state:
OSRR: C =0.52 pF, L5 =6.57 nH and C, = 8.03 pF. For the OCSRR: L =0.18 nH, L}, = 5.2 nH,
C’, =5.37 pF and Lg, = 0.95 nH.

The tuning of the OCSRR requires two additional biasing lines inserted through the
gaps of the rings since both rings are electrically connected, as already deduced in
[130]. This biasing network is composed both of gold and chrome lines to avoid its RF
influence on the biasing network, which could affect the band or the spurious response.
The main advantage of this approach is that the biasing networks of the OCSRRs can
be connected to the feeding ports and hence the tuning of the whole artificial line can
be achieved by applying only a single voltage between the feeding ports and the
ground plane (which can be done directly from the probes).

The electromagnetic simulation of the isolated OSRR and OCSRR of Figure 4.9(a),
for the untuned and maximum tuning states of the BST-based substrate, is depicted in
Figure 4.10. For these simulations, the chrome lines have not been considered due to
the simulator software (Agilent ADS/Momentum) limitations, which cannot define
different metal properties in the same layer. Nonetheless, since the resistivity of the
chrome lines is about 50 kQ/mm, the effect of these lines is expected to be negligible.
In Figure 4.10 the circuit simulation at both states is also included, indicating in the
same caption the element values inferred through the parameter extraction method
explained in Appendix A. It is worth noting that the parasitics remain almost constant,
even for the capacitance C of the OSRR, since the effect of the BST thick-film is mainly
present only on the small gap regions of the resonators. The good agreement between
circuit and electromagnetic simulation is also remarkable.

The tuning of the isolated OSRR and OCSRR is 37.1% and 42.3%, respectively. In
Figure 4.11 the comparison between the electromagnetic simulation and circuit
simulation for the whole structure is shown for the untuned state (lossless case), where
a readjustment of the equivalent circuit values is needed because of the influence of
the square OCSRR on the OSRR. In the same figure, the electromagnetic simulation
for the maximum tuning state (¢ = 220) is also shown. In view of the figure, it is
apparent that significant tuning can be achieved through the proposed approach.
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Figure 4.11. Lossless electromagnetic simulated S-parameters (a), dispersion diagram (b) and
characteristic impedance (c) of the structure of Figure 4.9(a) for the untuned and maximum
tuning states. The circuit simulation for the untuned state is also depicted. The equivalent circuit
values are (in reference to Figure 4.9d): For the OSRR: C = 0.44 pF, L’s = 5.25 nH and C; =
16.87 pF. For the OCSRR: L = 0.27 nH, L, = 5.25 nH, C}, = 10.27 pF and Ls, = 1.93 nH. The
considered BST thick-film has a thickness of 7.5 um and a permittivity of & = 490 and ¢ = 220
for the untuned and maximum tuning states.

Figure 4.12(a) shows the measured S-parameters of the fabricated structure (layout
of Figure 4.9a) for different applied voltages, where the electromagnetic simulation of
the untuned and maximum tuning states taking losses into account are also included.
Good agreement between measurement and electromagnetic simulation is obtained,
with insertion losses of 2 dB and 1.4 dB at the central frequency for the untuned and

maximum tuning state, respectively. Moreover, a frequency tunability of 36.6% is
achieved.

One potential application of this artificial line is to be applied to band-pass filters,
since the upper transmission zero gives a sharp transition band, and good out-of-band

rejection is achieved, the first spurious appearing at 4.4f, for the worst case (i.e., for the
maximum tuning state).

Another possible application could be as phase shifter. As already pointed out in [47],
[49], phase shifter implementation by means of artificial lines may result in compact

size and flatter responses since the phase shift is no longer proportional to the length
of the line.
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Figure 4.12. Measured S-parameters (a) and FoM (b) for the untuned (¢, = 490) and maximum
(¢ = 220) tuning states of the structure of Figure 4.9(a). The tuning voltage is increased from
0V upto 160 V in 8 steps. The electromagnetic simulations, including losses, for the maximum
and untuned states are also depicted.

Additionally, these lines also present the advantage of allowing both negative,
positive, or even zero degree phase shift. In Figure 4.12(b), the phase shift is shown,
as well as the commonly used figure-of-merit (FOM) of phase shifters, which for BST
thick-films (where ¢, is the variable parameter) can be defined as

_ ¢21|5rmax — ®21|£rmin

FoM = = hin(1S,,1aBI) “.2)

A phase difference between the untuned and maximum tuning states of 67° and a
maximum FoM of 45°/dB is achieved at 1.02 GHz, which is a reasonable value if
compared to different phase shifters of the state of the art [133], [134]. The additional
advantage of this approach is the controllability of the electric and physical parameters,
as well as the size and the ultra-wideband response.

4.3 Applications

In this section, the presented tunable artificial lines will be applied to phase shifters,
band-pass filters and dual-band components, analyzing for each case the strategies to
enhance the tuning control as well as its limitations. All the devices that are presented
here are being fabricated at the time of finalizing this thesis. For this reason, only the
comparison between electromagnetic and circuit simulations will be shown.

4.3.1 Tunable band-pass filters and phase shifters

The design of phase shifters based on CRLH lines can be carried out either with
metamaterial concepts or with the prototype band-pass filter theory, since both
methods allow an easy control of the bandwidth and flatness of the band-pass where
the phase shift is required. For this reason, in this subsection, both phase shifters and
filters will be considered by means of a similar methodology.

90



4.3 APPLICATIONS

s 5 0 1 2 3 4 5
Frequency (GHz)

1 2 3
Frequency (GHz)

Figure 4.13. Frequency response of a tunable filter considering tunable capacitors with variable
(a) and constant (b) inductors.

Focusing on the filter approach, assuming an ideal third-order Chebyshev band-pass
filter (with the same equivalent circuit model of the unit cell of a CRLH line as Figure
2.11), the circuit element values (Lg, Cgr, L. and C,) are univocally determined
considering the low-pass prototype given the central frequency, bandwidth, order and
ripple of the filter. Hence, to obtain a tunable filter or phase shifter with constant
bandwidth and ripple, the four circuit elements should also be ideally tuned, resulting in
a typical frequency response such as that shown in Figure 4.13(a), where a tunable
filter with a central frequency f, from 1 GHz to 3 GHz with constant fractional bandwidth
of 30% and ripple of 0.01 dB is considered.

On the other hand, if the inductances are kept constant and only capacitors are
tuned, as is the case with most state of the art tunable components, to still obtain an
optimum response considering the equivalent circuit model of Figure 2.11, some
conditions must be relaxed. Since the filter order is fixed and the central frequency is
given by the tuning state, the relaxed conditions are the bandwidth and ripple. In Figure
4.13(b) a response of a tunable filter with same requirement as in Figure 4.13(a) at fo =
1 GHz is shown, but with constant inductances. As can be seen, as the frequency
increases, so does the fractional bandwidth and ripple. For the considered case with a
frequency tunability of 7 = 200%, the bandwidth increases by a factor of 2, whereas
the ripple increases from 0.01 dB up to 3.66 dB. In addition, since the resonance of the
series and shunt branch still have to be equal at each tuning state in order to obtain an
optimum filter, i.e.

1 1

2 = =
CrL, CiLg

both series and shunt capacitances must be equally tuned if the inductances are
constant.

The above conclusions can also be deduced with the metamaterial concepts, since
the same circuit elements can be inferred setting the balanced condition at the central
frequency, the impedance value at this central frequency (which will set the ripple), and
the impedance at two frequencies below and above the central frequency (which will
control the bandwidth). In addition, a Butterworth- or Chebyshev-type response can be
obtained controlling the impedance at the central frequency. If this impedance is set
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below the impedance of the ports, a single reflection zero will be present due to the
phase matching condition (that is, both series and shunt branch resonates with the
resulting total transmission). On the other hand, if the same impedance value is set
above the ports impedance, two additional reflection zeros will be present owing to the
impedance matching conditions below and above the central frequency, being able to
control the ripple by the impedance value at the central frequency. Thus, considering a
tunable filter for this latter case, if only capacitances are tunable, given that the
impedance at the central frequency expressed by equation (2.26) is inversely
proportional to the square root of the capacitances, it leads to an increasing ripple
behavior as the central frequency increases. Moreover, the impedance condition at the
cut-off frequencies also has to be relaxed to analytically solve the system, which will
also result in the bandwidth variation predicted from the filter approach analysis.

Although several works have dealt with obtaining tunable responses with constant
ripple and/or bandwidth and tunable capacitances [135], [136], in this work we will
focus on the more general case where this increasing ripple and bandwidth does not
entail a requirement issue, since the tunability ranges of the proposed structures
(below 40%) will represent a variation of the fractional bandwidth and ripple that can be
considered small.
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Figure 4.14. Electromagnetic simulated Bloch impedance (a), dispersion diagram (b), S-
Parameters (c), and S,; phase and FoM (d) of the structure of Figure 4.9(a) for the untuned and
maximum tuning states with modified BST thick-film properties. The circuit simulation for the
untuned state is also depicted. The equivalent circuit values are in reference to Figure 4.9(d):
for the OSRR: C = 0.23 pF, L5 = 5.9 nH and C; = 4.74 pF. For the OCSRR: L = 0.19 nH, L}, =
5.8 nH, C}, = 3.96 pF and Ls, = 1.75 nH. The considered BST thick-film has a thickness of 3.5
pum and a permittivity of € = 450 and ¢, = 202.5 for the untuned and maximum tuning states.
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In the topology based on open resonators, the above-mentioned conditions force
both the OSRR and OCSRR to exhibit the same frequency tunability to maintain the
optimum filter condition, where the presence of the parasitics has been found to not
alter the previous assumptions. This situation was roughly satisfied in the already
presented tunable CRLH line of Figure 4.9(a), where the OSRR and OCSRR exhibit a
tunability of 37.1% and 42.3%, respectively. If the same structure is considered but with
a BST thick-film layer with lower thickness and permittivity states (both parameters
decreasing the effective permittivity), the obtained Bloch impedance can be increased
and thus three reflection zeros can be obtained due to the phase and impedance
matching conditions. In Figure 4.14(a)-(c) the Bloch impedance, dispersion diagram
and S-parameters of the same structure as Figure 4.9(a) are shown but considering a
BST thick-film thickness of 3.5 um with untuned and maximum tuned permittivity states
of & = 450 and ¢, = 202.5, which could be useful for phase shifter applications. In such
cases, a quasi-balanced line (the complete balanced condition would lead to non-flat
responses due to the parasitics) is obtained. In addition, the tunabilities of the OSRR
and OCSRR resonators are 31% and 30.9%, thus maintaining the equal-ripple
response, although the ripple level and bandwidth increase by increasing the tuning (as
already mentioned). The tunability of the central frequency of this structure has been
found to be 30.1%.

Finally, in Figure 4.14(d) the electromagnetic simulation (considering losses) of the
S,1 phase and the FoM of phase shifters (derived from equation (4.2)) are also shown.
Compared to the arbitrary CRLH line response of Figure 4.11 and Figure 4.12, when
properly designed, the FoM can be of the order of 120°/dB (the initially proposed CRLH
line exhibits a maximum simulated FoM of 70°/dB), hence confirming its suitability for
phase shifting applications.

4.3.1.1 Independent resonator tuning

The topology presented up to this point allows the tunability of the whole band by
means of a single voltage since both resonators exhibit the same frequency tunability.
Nonetheless, this frequency tunability depends on the geometry of the resonators, the
latter depending on the application requirements as well. Therefore, the equal tunability
of the resonators will not always be possible. In addition, other applications such as
multi-band components could require the independent control of the resonators to
achieve their goals. Hence, an alternative topology to independently control the
different resonators is required. In Figure 4.15 a possible solution that enables this
control is shown. Interdigital capacitors have been added at the ground planes in order
to decouple the DC and RF ground. With a voltage source controlling each resonator
(one for the OCSRR and another for the external OSRRS), the independent control can
be achieved while maintaining the initially proposed equivalent circuit model and
methodology. The first voltage source will apply a potential between the input/output
ports and the central ground plane, whereas the second voltage source will apply a
potential between the ground plane of the external stages and the central ground plane
(both voltage sources sharing the central ground plane as a zero reference to maintain
the independent tuning).
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Figure 4.15. Layout of a tunable CPW wideband band-pass filter with independent tuning based
on open resonators. Dimensions are: | = 6.24 mm, W = 2.8 mm and G = 0.57 mm. For the
OCSRR:a=3.36 mm,b=183mm,e=0.81mm,f=0.22mm,s=60um,c=75umandd =
25 um. For the OSRR: rey = 1.15 mm, ¢ = 25 ym and d = 35 um. The considered BST thick-film
has a thickness of 3.5 um and a permittivity of & = 450 and ¢ = 202.5 for the untuned and
maximum tuning states.

To demonstrate its functionality, the proposed topology of Figure 4.15 has been
designed to satisfy the requirements of a band-pass filter with central frequency f, =
1.18 GHz, a ripple of 0.002 dB and a fractional bandwidth of 42.4% (FBW 33z = 100%)
at the untuned state with the methodology explained in section 3.2.1.2. A low ripple
level (0.002 dB) at the untuned state has been considered in order to obtain an
acceptable ripple at the maximum tuning state (analytically predicted to be of 0.15 dB
considering the 30% frequency tunability of the previous CRLH line).

The comparison between the ideal Chebyshev response, the circuit simulation
considering parasitics and the electromagnetic response at the untuned state (&, = 450)
is depicted in Figure 4.16(a). Good agreement between all the curves can be
appreciated. The resonance frequency tunability of the isolated resonators is T = 34.6%
for the OSRR and t = 27.7% for the OCSRR, considering a 3.5 pm BST thick-film with
untuned and maximum tuning states of &= 450 and ¢ = 202.5, respectively. Given that
in the analyzed band-pass filters topology the capacitances must be equally tuned to
obtain an equal-ripple optimum response, this will also mean that both OSRRs and
OCSRRs should be equally tuned. Therefore, the optimal maximum tuning state will be
restricted by the minimum tunability of the OSRR or OCSRR. Since in this case the
minimum tunability is that of the OCSRR, the maximum optimum tuning will arise when
both resonators exhibit a tunability of 27.7%. This latter condition is satisfied when the
BST thick-film permittivity in the region of the OCSRR and the OSRR are ¢ ocsrr =
202.5 and & osrr = 235, respectively.
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Figure 4.16. Frequency response (a), (b) and wideband frequency responses (c), (d) of the
topology of Figure 4.15 for different tuning states. (a): Untuned state (&, = 450); (b): Maximum
optimal tuning state; (c): Untuned (& = 450) and maximum optimal tuning state (& ocsrr = 202.5,
& osrr = 235). (d): Untuned (& = 450) and maximum (g, = 202.5) tuning state; The Chebyshev
element values obtained from the band-pass prototype transformations, in reference to Figure
2.11(a), are for the untuned state (&, = 450): C, = 1.21 pF, L,=3.53 nH, Cr=5.15 pF and Lg=
15.03 nH. For the maximum optimum tuning state (& ocsrr = 202.5, & osrr = 235), the modified
capacitances are: C_ = 0.83 pF and Cr = 3.53 pF. The values of the circuit simulation
considering parasitics are in reference to Figure 4.9(d): for the untuned state (& = 450): C =
0.19 pF, L =0.26 nH, Cs=2.47 pF, L's=7.68 nH, C,=4.83 pF, L;,=3.53 nH and Ly, = 0.3 nH.
The modified capacitances for the maximum optimum tuned state (& ocsrr = 202.5, & osrr = 235)
are: Cs=1.68 pF and C’,= 3.23 pF.

The maximum optimal tuned central frequency of the filter has been found to be (both
from analytical equations or by electromagnetic/circuit simulations) of 1.425 GHz, with
a ripple of 0.076 dB and fractional bandwidth of 72% (FBW .3 = 103.4%). In Figure
4.16(b) the resulting electromagnetic and circuit frequency response is depicted. Given
that the available simulator software (Agilent ADS/Momentum) only allows the
substrate definition with equal permittivity throughout the layer, the represented
electromagnetic response is the result of cascading the isolated OSRR and OCSRR
electromagnetic simulations, presenting the drawback of not taking into account the
couplings between resonators (though it has been proven to only slightly affect the
response with the meandered rectangular shaped OCSRR). There is good agreement
between all the curves, where the prediction of the filter response for the untuned and
maximum tuning states is validated. In Figure 4.16(c) the wideband frequency
response for the untuned and maximum optimal tuning range is also shown, where the
expected central frequency tunability of 20.7% is obtained. This tunability is decreased
compared to the previous CRLH lines since the gaps of the resonators, which are
strongly dependent on the BST thick-film tunability, have been increased in order to
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satisfy the filter requirements. In addition, in this case the OSRR is not tuned to the
maximum case to achieve an optimal equal-ripple response. In Figure 4.16(d) the
comparison for the untuned and maximum tuning state (i.e., & ocsrr = & osrr = 202.5
and hence non-equal tunability of the capacitances arise) is shown, where the unequal
ripple and degraded performance can be appreciated since the design conditions are
not satisfied.

4.3.2 Tunable dual-band components

The methodology developed in section 3.2.1.1 can also be applied to obtain tunable
dual-band components by means of BST thick-films. For a dual-band impedance
inverter, the conditions of phase B/, = -90°, B/, = 90° and impedance Z,; = Zy, = Z, at
two arbitrary frequencies w; and w, leads to equations (3.1) - (3.4), which, assuming
the canonical CRLH line of Figure 2.11, result in the following circuit elements 2

Z
Lg=—""— (4.4)
Wy — Wy
Zy(wy — wy)
=2 7 4.5
P w2 ( )
1
C,=— 4.6
P Zy(wy— wy) (4.6)
_ Wy — Wy
Cs = Zoww, 4.7)

If these operation frequencies w; and w, are arbitrarily tuned to a state of aw,; and
yw-, then the condition of constant inductances inherent to BST thick-film materials
yields

1

awq, = —Woy (49)

which results in no physical solution. This means that in order to obtain a tunable dual-
band impedance inverter with constant phase B/ = +90° and constant impedance Z, at
two arbitrary frequencies w; and w,, both inductances and capacitances should ideally
be tuned. To solve the system for the case of constant inductances, Ls, L,, two of the
four conditions Bh, Bh, Za, Z,, must be relaxed at the different tuning states. If we
consider the impedances as unknowns (hence allowing the possibility of presenting
different impedance values Z,; and Z,, for the different tuning states) and force the
conditions 81, = -90°, B, = 90°, then the series and shunt impedances are °

8 In this section, the element values of Figure 2.11 are renamed for simplicity as Ls = Lr/2, Cs
= 2C|_, Lp = L|_, Cp = CR.

° Note that the unknown impedance, as well as the different Z,;, Z,, conditions are not
necessarily required at the initial state where the layout is generated, given that the inductances
are still a design parameter.
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Zs(W)ly, = —jZay (4.10)
Zs(w)lf, = +jZa2 (4.12)
Zp(@)|, = +iZa1 (4.12)
Zp(W)|, = —Zaz (4.13)

which for the case of the conventional CRLH lines results in the following circuit
element values

Za1(,()1 + 232&)2
Ls= 4.14
S w2 —wq? (4.14)

Za1Zao(w2? — wq?)

)= (4.15)
W1wo(Za1w1 + Zzow)

Za1Wo + Zyow
C. = (4.16)
P Za1Zap(wo? — w4?)

U)22 - (U12

= (4.17)
W1Wo(Zaowy + Zg1w3)

Given that the inductances will be constant and fixed by the initial state, equations
(4.14) - (4.17) can be rewritten to infer the value of the unknown impedances and
required capacitances at each tuning state as

LS((,UZZ - w12) - \/LS(LS((AMZ — w22)2 - 4UJ12UJ22LP)

4.18
Z,, = (4.18)

2(4)1

LS((,UZZ - w12) + \/LS(LS((AMZ — w22)2 - 4UJ12UJ22LP)

4.19
Z.,= (4.19)

2(4)2

(w2? - w12)JLS(LS(w12 — wp?)? — dwPwlL,) + Ly(wi* — wy?) (4.20)
Co = '

2(,()12(,()22LPLS((,U12 - UJ22)

2((,022 — (,U12)

Cs = (4.21)
(we? - wzz)\/Ls(Ls(sz — w2?)? — 4w, PwLy) + Ls(wy* — we*)

where the impedances and capacitances will be real as long as the following condition
is satisfied

5((1)12 - (,L)22)2

> 1 (4.22)
(.U12(.022

where
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5=—* (4.23)

with & being constant for all tuning states. Hence, the inequality (4.22) defines the
possible tunability regions where physical capacitance solutions arise. If the
frequencies w;, w, are considered to be those of the initial state, then the inequality at
an arbitrary tuned state with frequencies aw;, yw, can be expressed as

o(aPws? — y2w22)2

y202w12w22 > 1 (4.24)

Considering that the initial state (where there is still control of both inductances and
capacitances) does satisfy equation (4.22), then the inequality (4.24) will also be
satisfied if

5(cPw? — Yw,2)’ - 8(ws? — w,?)

4.25
Rwliw?  wWitwy? (4.25)

which can be rewritten as

(0= w?)” _ 1 4.26
(ganz —%wzz)z 20

From this point on, if the two frequency bands w;, w, are equally tuned (i.e., if a =),
then inequality (4.26) is still satisfied for all values of a € R, with the consequent real
impedances and capacitances. In addition, from equations (4.18) - (4.21), the
impedance and capacitance values at these tuned frequencies ow,;, aw, can be
expressed as

Za1'2|tuned = aza7r2|untuned (4.27)
C | _ Csw"luntuned (4.28)
S:Pltuned a2

That is, an equally linear dependence of the impedances Z,;, Z,; is obtained if equal
tuning is applied at both bands. On the other hand, both capacitances are also equally
decreased, although in this case being inversely proportional to the square of the
tuning. Thus, if the initial state is designed with real impedances and forcing the Z,; =
Zs> condition, then this latter condition will be satisfied for all tuning states, although
with an increasing real value as the operating frequencies get higher.

The nature of the impedances and capacitances for the case of an independent
tuning of the frequency bands w;, w, can also be analyzed. From (4.26), it follows that
for all values of 0<a<1and y=>=1 (i.e., if the bands wi, w, are simultaneously or
independently separated from each other), the inequality is satisfied. In these
situations, from equations (4.18) and (4.19) it can be deduced that the impedances Z,,,
Zy result in different values and opposite tendencies. This can be graphically
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appreciated in Figure 4.17, where a dual-band impedance inverter with f; = 0.75 GHz
and f, = 1.5 GHz and impedance Z,; = Z,, = 29 Q has been considered as the initial
state and tuned with the above-mentioned conditions, where Z,; = Z,, is only satisfied
at a =y = 1 (i.e.,, the untuned state). In Figure 4.18 the capacitance evolution
considering these impedances is also shown, where the parameter a is delimited from
0.6 to 1 for better understanding given that at a = 0 the series and shunt capacitances
tend towards zero and infinity, respectively. From this representation, an opposite
tendency of the capacitances Cs, C, can be appreciated when either the first or the
second band is tuned. This means that to satisfy an unequal tuning with real
impedances as a solution the tunable component should allow both the increasing and
decreasing of the capacitances. Nonetheless, this not possible either at the untuned or
maximum material tuning states.
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Figure 4.17. Tuning evolution of the Z,;, Z,, impedances considering an initial untuned state (a
=y=1)off; =0.75 GHz and f, = 1.5 GHz and impedance Z,; = Z,, = 29 Q.

Figure 4.18. Tuning evolution of the capacitances Cs, C, considering an initial untuned state
(a=y=1)off, =0.75 GHz and f, = 1.5 GHz and impedance Z,; = Z,, = 29 Q.
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CHAPTER 4 TUNABLE ARTIFICIAL LINES BASED ON OPEN RESONATORS

Hence, if an independent frequency band tuning is required, the initial design from
which the re-configurability would be applied must be set at an intermediate tuned state
in order to be able to independently tune the capacitances with opposite tendencies.

Finally, if the frequencies w; and w, are tuned close to each other (either
independently or simultaneously), the inequality (4.26) does not necessarily satisfy.
Hence, depending on the frequency positions and initial inductance values, no physical
solution will be obtained in these latter cases since complex capacitances and
impedances result.

It is also important to consider that although in this work a tunable dual-band
impedance inverter with a variable characteristic impedance and constant phase with
the tuning (x90° at each frequency) has been analyzed, a similar procedure could be
applied to obtain a variable phase but with a constant impedance tunable dual-band
impedance inverter. In addition, although all the aforementioned assumptions do not
consider the parasitics present in the CRLH lines based on open resonators, it has
been numerically and experimentally deduced that the same tendencies as those of the
canonical CRLH line are obtained, though the analytical verification becomes much
more complex. Nonetheless, for a structure considering parasitics with the same
impedance Z,; = Zy, at the initial untuned state, if an equal tuning is applied at the two
frequency bands, then the condition of equal value at both bands does not satisfy, still
obtaining an increasingly real solution for all values although with a slight discrepancy
between both impedances Z,, Z,, (becoming more pronounced as the tuning
increases). However, given the tunabilities of the available technology, the resulting
impedances at the maximum state can still be considered as almost constant, hence
maintaining the same goal designs as those explained for the ideal CRLH line.

From the exposed analysis, it follows that depending on the tuning required, different
impedance strategies will have to be considered. In this work, the performance will be
optimized for an equal tuning of both frequencies considering Z,; = Z,, at the untuned
state. Thus, due to the linear increasing impedance tendency with the tuning in such
cases (see equation (4.27)), a lower initial value than the desired impedance is
chosen®. Specifically, if the dual-band component is equally tuned as aw; and aws,
then the optimal impedance value required Z,qy to minimize the performance
degradation as the tuning increases, is

2
oon=2a(25)
with Z, being the desired impedance of the application and T the frequency tunability
defined in (4.1).

By considering this, a dual-band impedance inverter of g/ = +90°, and Z, = 35.35 Q at
the frequencies f; = 0.75 GHz and f, = 1.5 GHz is designed. This leads to a required
impedance at the untuned state of Z, . = 30 Q if a tunability of 30% is considered. To

19 Note that in order to optimize the independent tuning of the bands, a higher Z,; and lower
Zs, should be chosen and forced at an intermediate tuned state to compensate the opposite
tendencies shown in Figure 4.17 and Figure 4.18.
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infer the layout of the dual-band impedance inverter at the untuned state forcing
impedance Z..y the design methodology proposed in section 3.2.1.1 can be
considered. This methodology neglects the inductive effect Lg,, but as will be proven,
this approximation is still valid since the upper band is not of interest in the dual-band
applications presented herein. Once this design is obtained, the values of the
capacitances required to obtain the desired frequency tuned position and the resulting
increased impedance values can be inferred through similar equations of (4.14) - (4.19)
but considering parasitics.

The layout obtained from this methodology is shown in Figure 4.19(a), where the
topology with independent OSRR and OCSRR control has been chosen to analyze the
independent tuning of the bands as well as to relax the condition of equal permittivity
dependent tunability of the different resonators (since this tunability will depend on the
geometry which is fixed by the requirements). The OSRR and OCSRR tunability has
been found to be for these structures of t = 31.8% and t = 33.9%, respectively. In
Figure 4.20 the Bloch impedance and dispersion diagram is shown for the untuned and
maximum tuning states (i.e., & = 450 and ¢ = 202.5, respectively) for the designed
dual-band impedance inverter. Due to the simulator software limitations, a
homogeneous permittivity is considered through the entire BST thick-film layer,
although since both OSRR and OCSRR present almost equal tunability, only slight
discrepancies are expected if compared to the case where independent tuning could
be considered.
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Figure 4.19. Topology of a tunable dual-band impedance inverter with independent control of
the OSRR and OCSRR (a). The resulting dual-band power divider obtained by cascading two
50 Q ports at the output and a 50 Q port at the input is also depicted in (b). The considered BST
thick-film has a thickness of 3.5 um and a permittivity of & = 450 and ¢ = 202.5 for the untuned
and maximum tuning states. Dimensions are: | = 5.25 mm, W = 2.35 mm and G = 0.57 mm. For
the OCSRR: a=2.67 mm, b =1.42 mm, e =0.58 mm, f =0.26 mm, s =50 ym, ¢ =20 ym and d
=10 ym. For the OSRR: rey; = 1.15 mm, ¢ = 10 ym and d = 50 ym.
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Figure 4.20. Lossless electromagnetic simulated Bloch impedance (a) and dispersion diagram
(b) of the tunable dual-band impedance inverter of Figure 4.19(a) for the untuned (g = 450) and
maximum (& = 202.5) tuning states. The circuit simulation for the untuned state is also depicted.
The equivalent circuit values are in reference to Figure 4.9(d): For the OSRR: C=0.35 pF, Ly =
6.57 nH and Cs = 3.14 pF. For the OCSRR: L = 0.17 nH, L}, = 3.43 nH, C}, = 5.82 pF and
Lsn = 0 nH.
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Figure 4.21. Lossless electromagnetic simulated S-parameters of the tunable dual-band power
divider of Figure 4.19(b). (a): Comparison of the circuit, co-simulation and electromagnetic
simulation for the untuned state. (b): Comparison of the electromagnetic simulation for the
untuned and maximum tuning states.

As can be seen from Figure 4.20 (b), an increasing Bloch impedance is obtained with
the tuning, leading to a maximum impedance of 46 Q and 40.8 Q at the maximum
tuned state for the first and second frequency band, respectively (i.e., where the
condition Bl = 490° is satisfied). This unequal impedance is attributed to the slightly
different tunabilities of the OSRR and OCSRR resonators, as well as to the presence of
the parasitics (as already explained at the beginning of this subsection). By adding a 50
Q port at the input and two 50 Q ports at the output, a dual-band power divider is
obtained, showing the layout in Figure 4.19(b), where no additional optimization has
been carried out.

In Figure 4.21(a) the S-parameters for the untuned state of the power divider of
Figure 4.19(b) are depicted. In this figure, the electromagnetic simulation of the whole
structure of Figure 4.19(b), the co-simulation of the inverter of Figure 4.19(a) cascading
two 50 Q ports at the output and a 50 Q port at the input (these connections made at
the circuit level), and the circuit simulation of the equivalent circuit of Figure 4.9(d) with

102



4.3 APPLICATIONS

the circuit elements of the caption of Figure 4.20, considering the latter mentioned port
connections are compared. For clarity purposes, only the S,; is shown (both S3; and
S,1 curves have been found to be in perfect agreement for the circuit and co-simulation,
only differing in the complete electromagnetic simulation above the upper band). From
these results, it can be seen that the circuit model can predict the power divider’s dual-
band behavior, where the impact of the layout connections of the different ports and the
tapper at the input degrades the matching levels but do not affect the operation
frequency position. This would also allow the study of the independent tuning of the
resonators, where given the limitation of our simulation tools it would require the co-
simulation of the cascaded OSRR and OCSRR sections.

In Figure 4.21(b), the electromagnetic simulation comparison of the untuned and
maximum tuning states of the tunable dual-band power divider is also shown. A
tunability of 27.2% and 26.7% for the first and second band is obtained if both
resonators are equally tuned (which has been approximated by considering a
homogeneous permittivity thick-film BST layer). This also demonstrates that if only
equal tuning of the different bands is required, for certain specifications where both
resonators inherently present a similar tunability (as in the case shown), the interdigital
capacitors at the ground planes could be omitted and the whole structure controlled by
a single voltage source, thus simplifying the structure and biasing network.

Independent tuning of the two frequency bands w;, w, could also be applied to the
designed structure by considering different permittivities for the OSRR and OCSRR
(which is equivalent to applying different voltages to the fabricated devices).
Nonetheless, as has already been observed at the beginning of this section, to obtain
an optimum response this would require unequal impedances and a decrease of the
capacitance with the tuning, with neither of these conditions being satisfied at the
initially untuned state. Nonetheless, a suboptimum response could be obtained if the
structure is initially equally tuned to an intermediate state (which results in an enhanced
impedance) and afterwards a decreasing or increasing of the OSRR and OCSRR
capacitances are applied (with the resulting opposite impedance values tendency).

In summary, it has been demonstrated that CRLH lines based on open resonators
can be tuned by means of BST thick-films and applied to band-pass filters, phase
shifters, dual-band impedance inverters and dual-band power dividers, where the
independent or simultaneous tuning of the different resonators can be considered
depending on the application.
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CHAPTER 5

Filter miniaturization based on
stepped impedance resonators

Ultra compact and highly selective planar filters are in demand in modern
communication systems. To simultaneously achieve small dimensions and sharp cut-
off responses, transmission zeros close to the transmission band are required. Thus,
filters providing an elliptic-type function response are of primary interest. Various works
have dealt with these responses either for low-pass, high-pass or band-pass filters [95],
[137] - [159].

Although the wideband band-pass filters based on open resonators presented in
chapter 3 exhibit a transmission zero above the pass-band, the controllability of this
transmission zero is restricted by the geometry requirements of the resonators (which
are given by the prototype coefficients). For this reason, a different alternative can be
considered in order to obtain a better control and filter selectivity. In this chapter, SIRs
will be studied to design elliptic-function filters in CPW technology. The CPW SIRs will
be implemented by etching narrow and wide metallic strips in the back substrate side,
resulting in a high degree of compactness with an easy fabrication process since vias
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are not needed. To this end, in section 5.1 the study of the behavior of the CPW SIR
will be analyzed, extracting its circuit model including parasitic effects to predict the
filter response in a broadband frequency span. Afterwards, by means of this model and
semi-lumped inductors or capacitors, these resonators will be applied to the design of
elliptic-function low-pass and high-pass filters, as well as band-pass filters with
controllable transmission zeros in section 5.2, 5.3 and 5.4, respectively.

The electromagnetic and circuit simulation of all the devices that will be presented are
obtained by means of the commercial software Agilent ADS/Momentum. The
fabrication process of all these devices is based on standard photo/mask etching
techniques. The measurement is obtained by means of the Agilent E8364B vector
network analyzer.

5.1 Study and analysis of the CPW SIR

Figure 5.1 shows the topology and first order circuit model of the asymmetric and
symmetric SIR etched in the back side of the substrate of a CPW transmission line,
making use of the two metal levels of the CPW structure [160], [161]. The resonator is
composed of a metallic patch in the central strip coupled to the bottom substrate, which
is connected with an inductive line to a capacitive patch coupled to the ground plane.
Hence, this resonator behaves essentially as a shunt connected series resonator.

The choice between an asymmetric or symmetric resonator will depend on the
element values needed for the application, since due to its topology the asymmetric
SIR has twice the inductance of the symmetric SIR but half the capacitance, as shown
in the models of Figure 5.1(b), (d). Thus, in the following sections, different topologies
will be used to satisfy the different needs of the applications. To further miniaturize this
resonator, vias could be used either at the central strip or at the ground planes to avoid
the two series connected capacitances of the resonator. Nonetheless, the fabrication
process would be more complex, and for this reason only the case without vias will be
analyzed.
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Figure 5.1. Layout (a), (c) and first order circuit model (b), (d) of an asymmetric and symmetric
SIR in CPW technology.
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Figure 5.2. Accurate equivalent circuit model of the SIR in CPW technology. The relation
between this model and that of Figure 5.1(b) is: L, = L;; C, = (C-C)/(C + C,), whereas for the
model of Figure 5.1(d) is: L, = L, /2, C, = (C-2C,)/(C + 2C,).

To accurately predict the response of the whole structure, the parasitic behavior of
the host line has to be taken into account. Hence, the accurate equivalent circuit of the
resonator is that shown in Figure 5.2, where L and C, - C, are the inductance and
capacitance of the host line and L, - C, are the inductance and capacitance of the
resonator. The inductance of the SIR, L,, and of the line, L, are determined by the
length and width of the narrow strip of the inclusion and of the host line, respectively,
which can be inferred by considering the straight-line inductor approximation of
equation (3.18). On the other hand, the capacitance of the SIR, C,, is determined by
the area of the metallic rectangles, which are electrically coupled (face-to-face) to the
central strip and ground plane of the CPW, which can be inferred from the parallel plate
capacitance equations. Additional parameters could be taken into account, such as the
small parasitic inductive effect of the central strip, but as will be corroborated later, the
presented model predicts roughly enough the response and enables an easy design
methodology.

In the following sections, the design of different elliptic-type or quasi-elliptic type
responses will be presented based on the topologies of Figure 5.1 and its circuit model
of Figure 5.2, where the required transmission zeros of the elliptic-function response
will be provided by the shunt connected SIRs. In addition, depending on the
application, the simplification or inclusion of additional elements with regard to those
shown in Figure 5.1 will be considered. For instance, it will be observed how, since the
parasitics play an important role at higher frequencies, for the design of low-pass filters
these parasitics may be neglected without losing accuracy on the pass-band, whereas
for band-pass or high-pass filters, they will have to be taken into account in order to
correctly model the pass-band of these latter filters.

5.2 Design of compact elliptic low-pass filters

The two commonly used network structures for elliptic-function low-pass prototype
filters are depicted in Figure 5.3. Focusing on CPW technology, two different
realizations corresponding to the network of Figure 5.3(a) have been recently
presented. In one of them [144], the low-pass elliptic-function was achieved by etching
interdigital capacitances in the central strip of the CPW with an electrical short in one of
the fingers in order to implement the series connected parallel resonators of the
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network of Figure 5.3(a). In the other [145], the series connected parallel resonators
were implemented by means of OCSRRs.

In this thesis, elliptic low-pass filters based on the network of Figure 5.3(b) and CPW
SIRs have been implemented. Since in this case high series and shunt inductances are
required, the asymmetric SIR and the narrowing and meandering of the central strip will
be considered to maximize the shunt and series inductance, respectively. Thus, the
typical topology for the proposed design will be that depicted in Figure 5.4(a), where an
additional capacitance C, associated with the meander is mandatory to accurately
predict the broadband response, as shown in Figure 5.4(b) [162], [163].

To validate this model, Figure 5.5 shows the series, y, and parallel, y,, reactance of
the equivalent T-circuit model of the layout of Figure 5.4(a) (inferred from the simulated
S-parameters) and also the reactances of the equivalent T-circuit models of those
circuits shown in Figure 5.3(b) (for a third-order filter) and Figure 5.4(b). Note that y.
and g, are not subjected to obey the Foster’s reactance theorem since they result from
T-circuit equivalence. The frequency response comparison between the
electromagnetic and circuit simulations is also shown in Figure 5.6. As can be seen
from Figure 5.5 and Figure 5.6, the electrical simulation of the equivalent circuit of
Figure 5.4(b) is in good agreement with the electromagnetic simulation throughout the
entire range shown.

—~ Y Y Y\ —~ Y Y Y \_
(a) L L, (b)

Ci=— Cy= Cs=—

Figure 5.3. Low-pass elliptic-function prototype filters with (a) series connected parallel
resonators and (b) shunt connected series resonators. The models correspond to a fifth-order
prototype.

(a) bI (b) Al !
Ll L3
W L JG e ~yY™m 2228 o
! L
1 2
In &— —e Out C.—= L, Lc.
e o

Figure 5.4. Topology of the SIR-based elliptic low-pass filters (a), and equivalent circuit model
(b). Dimensions are: W =5 mm, G = 0.55 mm, a = 3.24 mm and b = 3.99 mm. Back side metal
is indicated in black color. The considered substrate thickness and dielectric constant are h =
254 ym and g = 11.2, respectively.
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Figure 5.5. Series, x, (a), and parallel, y, (b) reactance of the layout shown in Figure 5.4(a)
and the circuit models of Figure 5.3(b) and Figure 5.4(b). The element values of the ideal circuit
in reference to Figure 5.3(b) are: L; =L3; =4.7 nH, L, = 1.38 nH and C, = 2.98 pF. The element
values of the complete circuit model in reference to Figure 5.4(b) are: L; = Lg = 4.7 nH, L, =
1.65nH, C, =2.5 pF, C, =0.08 pF, C, = 0.44 pF and C; = 0.115 pF.
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Figure 5.6. Electromagnetic, ideal circuit and improved circuit frequency response simulation of
Figure 5.4(a), Figure 5.3(b) and Figure 5.4(b), respectively.

The peak at 6.5 GHz is mostly caused by the parasitic capacitance to the ground
plane C,. Given that the ideal circuit is able to describe the pass-band region of the
filter and the position of the transmission zero to a good approximation, it is possible to
approximate the structure of Figure 5.4(a) with the ideal equivalent circuit of Figure
5.3(b) to simplify the design process.

To demonstrate the possibility of designing standard elliptic low-pass filter responses,
a third-order elliptic-function low-pass filter with a pass-band ripple of L, = 0.1 dB, a
cut-off frequency of f, = 1 GHz and a stop-band attenuation of L,s = 30.52 dB with the
equal-ripple stop-band starting normalized frequency Qs = 2.5 is designed. The
element values corresponding to this elliptic filter response are (referred to the circuit of
Figure 5.3b): L; = L3 = 7.54 nH, C, = 3.24 pF and L, = 0.96 nH. The layout that satisfies
the aforementioned values can be inferred by the parallel plate equation for the
capacitances and equation (3.18) for the inductance, with the subsequent optimization
process by curve fitting the series and parallel reactances of the simulated
electromagnetic response to that of the circuit model.
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The final layout and the photograph of the fabricated filter are both depicted in Figure
5.7, where tapered access lines have been added to measure the device. The
simulated and measured frequency responses and group delay of the device are
shown in Figure 5.8(a). The circuit simulation of the model of Figure 5.3(b) is also
depicted in Figure 5.8(a).

The presence of the additional transmission zero at approximately 4.5 GHz, the first
spurious present at 6.9 GHz, and the better matching level at the band-pass of the
simulated electromagnetic response are mostly due to the series capacitance Cs and to
the line to ground capacitances Cy, - C,. The agreement between experimental data
and the elliptic-function response is good up to approximately 3.5 GHz. Nonetheless,
the performance of the electromagnetic simulation at the band-pass is poorer than that
obtained from measurement. This phenomenon is thought to be caused by a simulation
inaccuracy. To validate this latter statement, Figure 5.8(b) shows the comparison
between measurement, the already shown electromagnetic response where a finite
upper conductor is considered (renaming such cases as “positive simulations”, since
only the upper strip metal that is used is drawn), as well as the same simulation
considering the upper conductor as a slot (i.e., instead of defining the strip conductor,
the slot of the metal is defined, and so, calling these simulations “negative simulations”).
With the negative simulations we are able to better predict the measurement response
(in-band return losses), although these results are in certain disagreement with the
circuit simulations (pass-band region) since the design was inferred considering the
positive simulations.

Measured insertion and return losses in the pass-band are good (]IL| < 0.36 dB,
|RL| > 24 dB) and a sharp cut-off is obtained, with a stop-band rejection better than 30
dB between 2.5 GHz and 6.4 GHz. It is also remarkable that filter dimensions are small
(i.e., 0.66 cm long and 0.92 cm wide), which correspond to 0.034A4 x 0.047A,4, where Aq

is the guided wavelength at the filter cut-off frequency.
‘I
i."!!illll |
===

(a)

Figure 5.7. Layout (a) and photograph (b) of the fabricated third-order elliptic-function low-pass
filter. Dimensions are: W =5 mm, G = 0.55 mm, | = 6.6 mm, b =2.42 mm and ¢ = 2.7 mm. The
strips of the meander lines are 0.2 mm width. The device has been fabricated on the Rogers
RO3010 substrate with measured dielectric constant & = 11.2 and thickness h = 254 um.
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Figure 5.8. Ideal elliptic-function, electromagnetic and measured frequency response of the
fabricated third-order elliptic-function low-pass filter of Figure 5.7(a); Comparison between the
measured, positive and negative simulated frequency response (b).

In order to study the limitations of this approach, a fifth-order elliptic-function low-pass
filter has also been designed with the following characteristics: a pass-band ripple of
Lar = 0.1 dB, a cut-off frequency of f,= 1 GHz and a stop-band attenuation of Las =
31.49 dB with equal-ripple stop-band starting normalized frequency Qg = 1.25. The
element values (referred to the circuit of Figure 5.3b) are in this case: L; = 7.52 nH,
C,=3.52 pF, L,=2.14 nH, L3 = 11.47 nH, C4= 2.17 pF, Ly, = 7.02 nH and Ls= 4.8 nH.
Since the inductances of the series resonators are relatively high, the back side
metallic patterns are slightly modified compared to the topology shown in Figure 5.4(a),
that is, the strip connecting the two patch capacitances is also meandered.
Nevertheless, the design procedure is identical to that of the previous filter.
Furthermore, because of the higher electrical and physical length, as well as a more
complex filter (in comparison with that of Figure 5.7), the possibility of including an
electrical connection between the ground plane regions by means of two vias and a
back side strip in order to avoid the appearance of the slot mode has been considered.
The consequences of this additional connection will be discussed later.

The layout and photograph of this filter are both depicted in Figure 5.9. The simulated
and measured frequency responses are shown in Figure 5.10(a), as well as the
electromagnetic simulated filter response without the back side strip and the vias. The
back side strip and vias improve the rejection level between the two transmission zeros
and slightly the in-band return losses, albeit with the drawback of a degraded stop-
band characteristic above the second transmission zero (which is thought to be due to
the enhancement of the capacitance to ground where these elements are present).
Hence, a trade-off between the performance up to the transmission zeros and that of
the stop-band arise, where the choice of including the additional vias will depend on the
filter requirements. In addition, the same simulation inaccuracies appreciated in the
third-order filter are also present for the fifth-order filter, showing in Figure 5.10(b) the
comparison between measurement, positive and negative electromagnetic simulation.
A much better agreement between the simulation and the measurement can be
appreciated at the pass-band if the negative simulation is considered, though the stop-
band performance is better predicted by the positive simulations. Finally, the small filter
dimensions, 12.1 mm x 13 mm (0.0624, x 0.067A,) are also remarkable.
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Figure 5.9. Layout (a) and photograph (b) of the fabricated fifth-order elliptic-function low-pass
filter. Dimensions are: W =5 mm, G =0.55mm,a=6.12mm, b=3.32 mm, ¢ =254 mm, d =
4.34 mm, e = 2.54 mm, k = 3.14 mm, m = 3.96 mm and n = 2 mm. The strips of the meander
lines are 0.2 mm width. The device has been fabricated on the Rogers RO3010 substrate with
measured dielectric constant & = 11.2 and thickness h = 254 um.
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Figure 5.10. Ideal elliptic-function, electromagnetic and measured frequency response of the
fabricated fifth-order elliptic-function low-pass filter of Figure 5.9, (a); Comparison between

measurement, positive and negative simulated frequency response (b).

Reference n Lo Lss (dB) Q. Size Q 08
(dB)

[140] 3 0.1 35 2.921 | 0.15Agx0.27A, 1.6
[141] 3 0.1 30.52 2.5 0.153A¢x0.116A, 3.7
[144] 3 0.1 18.86 | 1.7 0.1Agx0.044, 2.2

This work 3 0.1 30.52 2.5 | 0.034A4x0.047A, 6.7
[141] 5 0.1 54 1.8 0.172A4x0.093A, 3.6
[143] 5 0.05 30 1.375 | 0.2544x0.19A 3.3
[145] 5 0.1 39.59 | 1.4 | 0.1344x0.0864, 5

This work 5 0.1 31.5 1.25 | 0.062A¢4x0.067A4 3

Table 5.1: Size and performance comparison of various elliptic low-pass filters
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In table 5.1, a comparison of the electrical size of the filters reported herein with those
of various references is shown, where n is the order of the filter. We have also
compared the stop-band performance by providing the frequency range where the
stop-band rejection is better than -20 dB (this has been done through the normalized
frequency, Q.qqs, defined as the ratio of the frequency where S,; = -20 dB and the cut-
off frequency). This size comparison with other elliptic low-pass filters is indicative of
the potentiality for size reduction of the proposed approach while maintaining a good
performance and stop-band rejection.

5.3 Design of compact elliptic high-pass filters

Several works have aimed to implement elliptic-function high-pass filters. A possible
method consists on considering the CRLH lines loaded with CSRRs, presented in
section 2.2.4.2, and balance the structure in order to obtain the required wide band
response [146] - [148]. Other approaches make use of different resonators etched in
the ground plane or hybrid microstrip/CPW techniques, among others, obtaining similar
results [149] - [151].

One possible network that synthesizes the ideal elliptic-function high-pass response
is depicted in Figure 5.11, considering (without loss of generality) the case of a third-
order filter since this is the case considered in the example reported later. The circuit
consists of a cascade of series capacitances and shunt connected series resonators.
At the resonance frequency of the series resonators, the corresponding shunt branch is
short-circuited to ground, and the injected power is reflected back to the source
(producing a transmission zero). Considering the model of the capacitive coupled CPW
SIR proposed in Figure 5.2, if the effects of the parasitics of the line are minimized and
a capacitance (by means of interdigital capacitors) is added in series with the resonator,
the equivalent circuit of Figure 5.11 results. Therefore, elliptic-function high-pass
responses can also be obtained with the proposed SIR topology. As occurred with the
low-pass elliptic-function response, in order to obtain the required high inductance (L,),
asymmetric SIRs are considered, as well as the eventual meandering of the inductive
strip. Thus, the resulting topology and equivalent circuit model is that shown in Figure
5.12, where the capacitance C, (see Figure 5.4b) have been neglected since, as will be
proven later, they have a negligible impact on the magnitude response of the high-pass
filter.

In addition, unlike in the case of low-pass filters, where the ideal circuit model could
be considered in the design process since the band of interest was allocated below the
resonance frequency of the resonator (where the effect of the parasitics were small),
the structure will be electrically bigger in the region of interest, since in high-pass filters
the transmission band is allocated above the resonance frequency of the resonator,
and hence the effect of the parasitics will be much more acute. Thus, the accurate
circuit model will be mandatory in order to predict the electromagnetic behavior. The
design methodology is based on the elliptic-function low-pass prototype filters, where
the well-known low-pass to high-pass transformation equations are applied [26].
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Figure 5.11. Third-order high-pass elliptic-function prototype filter.
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Figure 5.12. Typical topology of the proposed SIR-based elliptic-function high-pass filter (a) and
circuit model including parasitics (b). The dark color represents the SIR, etched in the back
substrate side.

To demonstrate the possibility of implementing elliptic-function high-pass filters with
the proposed SIR-based structures in CPW technology, a third-order high-pass filter
with a pass-band ripple of 0.1 dB, a minimum stop-band insertion loss of L, = 18.85 dB,
a cut-off frequency of 3 GHz and an equal-ripple stop-band starting frequency factor of
Qsg = 1.69 is designed and fabricated. The element values corresponding to this
elliptic-function response, referred to the circuit of Figure 5.11, are C;= C3= 1.273 pF,
C, = 3.263 pF, and L, = 3.143 nH. The layout generation has been carried out by
means of a similar process to that of the low-pass filters, i.e., curve fitting the series
and shunt reactances of the circuit and electromagnetic simulation.

After final optimization, the filter layout has been obtained (see Figure 5.13a). The
series and shunt reactances of the equivalent T-circuit model of the structure of Figure
5.13(a) are depicted in Figure 5.14. These reactances were obtained from the full wave
electromagnetic simulation of the structure. Since the structure is not exactly symmetric
(with respect to the intermediate plane between the ports), the two series reactances
can be, in principle, different and for this reason we obtained them independently.
However, in practice, both reactances are almost undistinguishable. We have also
included in Figure 5.14 the series and shunt reactances of the model of Figure 5.12(b),
with the values indicated in the caption. As can be seen, the behavior of the structure is
accurately predicted by the proposed equivalent circuit up to frequencies far beyond
the transmission zero. However, a non-Foster behavior (negative slope) appears
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around 4 GHz. This effect is due to the small parasitic inductance of the central patch
between the capacitances C; and Cj, not taken into account in the circuit model of
Figure 5.12(b). This series inductance is distributed between the SIR and the series
capacitances and makes it impossible to obtain an equivalent T-circuit model
composed of reactive elements, thereby not satisfying the Foster theorem in the whole
range.

(b)

Figure 5.13. Layout (a) and photograph (b) of the fabricated elliptic-function high-pass filter.
Dimensions are: W =5 mm, G =0.55 mm, | =5.98 mm, a=2.54 mm, b =5 mm, c =5.73 mm
and d = 2.3 mm. The interdigital capacitors have a width and separation between fingers of
0.16 mm. The width and separation of the inductive strips of the SIR-based structure is 0.2 mm.
The device has been fabricated on the Rogers RO3010 substrate with thickness h = 254 um
and measured dielectric constant ¢ = 11.2.
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Figure 5.14. Series (a)-(b) and parallel (c) reactances of the equivalent T-circuit model of the
layout of Figure 5.13(a) (electromagnetic simulation) and the circuit model of Figure 5.12(b).
The values of the circuit model are: L; = Ly = 1.26 nH, C, = 0.6 pF, L, = 3.02 nH, C, = 3.11 pF
andC;=C;=1.2 pF

115



CHAPTER 5 FILTER MINIATURIZATION BASED ON STEPPED IMPEDANCE RESONATORS

(a) (b) —— Meas.
====EM. Sim.
a‘ E Circuit Sim.
=2 Iz
w\- w‘—
o o
z z
0 0
1 2 3 4 5 8 0 1 2 3 4 5 6 7 8 9
Frequency (GHz) Frequency (GHz)

Figure 5.15. Narrow (a) and wideband (b) frequency response of the elliptic-function high-pass

filter of Figure 5.13. The values of the circuit model are those indicated in the caption of Figure
5.14.

(a) (b)

8000 A/m == Bl 50 A/m
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Figure 5.16. Magnetic (a) and electric (b) current distribution at the frequencies of the first (a)
and second (b) spurious resonance of the layout of Figure 5.14.

However, the impact of this inductance on the frequency magnitude response of the
filter is very small (the inductance value is L, = 0.02 nH), only slightly reducing the
matching levels at the band. Thus, although the previous effect could have been
predicted in the circuit model, it has been neglected for design purposes. Nevertheless,
the series and shunt reactances by including this parasitic inductance are also depicted
in Figure 5.14, where it can be seen that the negative slope regions are correctly
predicted.

The photograph of the designed filter is depicted in Figure 5.13(b), where tapered
access lines are included for measuring purposes. The frequency response of the filter
is shown in Figure 5.15, where good agreement between the circuit and
electromagnetic simulation is observed. If the wideband response is considered (Figure
5.15b), additional resonances can be seen in the electromagnetic simulation and
measurement around 6 GHz and 8 GHz, which are caused by a slot mode (because of
the strong asymmetry of the SIR-based structure) and the distributed nature of the
upper patch (as can also be verified by simulating this isolated patch), respectively. To
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demonstrate this fact, in Figure 5.16 the electromagnetic simulated current distribution
of the structure at these two frequencies is shown, where from the magnetic currents of
Figure 5.16(a) and the electric currents of Figure 5.16(b) a slot mode and a distributed
resonance of the upper patch can be appreciated, respectively.

The measured response is also reasonably consistent with the electromagnetic and
circuit simulation up to 3 GHz. From that frequency forth, the return losses are slightly
degraded compared to the simulations. This is attributed to fabrication tolerances and
the connectors used. Moreover, due to the (although small) inductive effect of the line,
the response slightly lessens with frequency (an effect not present in the ideal circuit of
Figure 5.11). The fabricated filter is very small (5.98 mm x 12 mm), with an electrical
size of 0.092A4 x 0.185A,, with A, being the guided wavelength at the cut-off frequency.

In table 5.2, a comparison of the electrical size of the filter herein reported with those
of several references is shown, where only elliptic-function high-pass filters composed
of equivalent third-order responses are considered (and therefore only one
transmission zero below the band is present). Given that elliptic ultra wideband filters
can have an equivalent performance as elliptic high-pass filters (since the latter
presents an upper cut-off frequency at which it no longer acts as a high-pass filter),
some ultra wideband filters have also been added in the table.

The stop-band performance is also compared by providing the minimum stop-band
rejection L,s and the equal-ripple stop-band starting frequency factor Qgg (i. €., the ratio
between the cut-off frequency and the maximum frequency at which the required
minimum stop-band rejection L,s is satisfied). In addition, the ratio between the
frequency at which the filter ceases to present a high-pass response (or the response
is not further shown) and the cut-off frequency is also considered, and denoted as Qumax.
This comparison with other elliptic high-pass filters demonstrates that the here
presented approach can exhibit similar or even better performance and/or size
reduction.

Reference | L, (dB) Qgp Size Q hax
[149] 18.85 2.7 | 0.29A;x0.12A, 1.6
[147] 17 2 | 0.12644x0.1264, 4
[150] 28 1.8 0.102A4x0.146A 4
[148] 10 1.1 | 0.093A,%0.0664, 2
[151] 38 2.2 0.058A4x0.183Aq 2.3

This work 18.85 1.69 | 0.092A4x0.185A, 2

Table 5.2: Size and performance comparison of various elliptic high-pass filters
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5.4 Design of compact band-pass filters with
transmission zeros

There are many different strategies to create transmission zeros in band-pass filters.
For instance, through the introduction of cross coupling between nonadjacent
resonators [152], [153] by providing more than one main path for the signal between
the input and the output ports [154], [155] by introducing quarter wavelength open
stubs [156], by properly positioning the tapping feed lines of the ports in coupled
resonator filters [157], [158] or by providing signal paths to ground by means of shunt
resonators [95], [159] among others. This latter category can be implementer with the
presented SIR structures. Specifically, if we consider the topology used for elliptic high-
pass filters and increase the parasitic behavior of the host line, band-pass filters with
conventional Chebyshev responses and improved selectivity can be obtained. Within
these conditions, we are able to obtain band-pass responses with an additional
controllable transmission zero below the band arising from the additional C,
capacitance present in the circuit of Figure 5.12(b). Moreover, although not predicted
by the proposed model, the SIR exhibits additional resonances that can be useful to
improve the upper transition band of the filter, since the position of such resonances
can be controlled by means of SIR dimensions, as will be shown later.

The design procedure in this case consists of obtaining the g; coefficients of the
band-pass prototype that satisfy the specifications, and forcing the resulting ideal
parallel shunt resonator to behave like the shunt impedance shown in Figure 5.12(b).
To this end, we force both susceptances to be equal at the band edges, as well as
forcing the frequency position of the transmission zero below the band. Forcing these
conditions on a third-order filter, the following equations for the shunt branch result

_ wow1Zp(wy — wy)
2 9,(wo? — wz?) (w2 — wz?)

(5.1)

1

Cp=——
27 Lowz?

(5.2)

(wiw, — wz?)
C, = 5.3
7 wiw,Zp(wy — wy) 3

with g; being the coefficients of the low-pass prototype, Z, the characteristic impedance
of the filter and w,, w1, w, being the transmission zero, the lower and the upper cut-off
frequencies, respectively. Moreover, since the series impedance of Figure 5.12(b) is
the same as the ideal prototype Chebyshev filters, the equations of these reactive
elements are obtained by the classic approach [26]

91,320000

=2 - 54
(wy — wy) (5.4

L3
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1
L1 w2

Ci3 (5.5)

Following this procedure, a third-order band-pass filter with a pass-band ripple of
0.035 dB, a central frequency of fo = 6.26 GHz, cut-off frequencies of 5.15 GHz and 7.6
GHz, and a transmission zero at 2.85 GHz is designed.

The g; coefficients of the ideal Chebyshev band-pass filter are: g; = g3 = 0.814 and
g. = 1.087. With these coefficients, equations (5.1) - (5.5) are applied and the following
element values are obtained: L; = L3 =2.65nH, C; = C3=0.25pF, L, =0.77 nH, C, =
4.06 pF and C, = 1.11 pF. The design procedure to obtain the physical dimensions of
the layout is the same as the elliptic-function high-pass filter, curve fitting the
reactances of the electromagnetic response with the circuit simulation. Nonetheless, in
this case a symmetric SIR has been used due to the low value of inductance needed,
as well as to try to avoid the slot mode resonance. Using this procedure, the filter of
Figure 5.17(a) is obtained. Figure 5.18 shows the series and parallel reactances,
depicting only a series reactance ys since both reactances ys; and ys, have been found
to be equal. The agreement between electromagnetic and circuit simulation is very
good except above the pass-band, where the lumped element equivalent circuit model
is no longer valid owing to the distributed nature of the second resonance of the SIR.
Nevertheless, thanks to this second resonance, a transmission zero, improving the
frequency selectivity above the filter pass-band, can be obtained.

The position of both SIR resonances (transmission zeros) can be controlled
independently (to some extent) by means of the SIR dimensions [164]. Figure 5.19(d)
depicts the response of the isolated SIR considered coupled to a 50 Q CPW
transmission line (reproduced in Figure 5.19a), where it can be seen the presence of
the first transmission zero at the required frequency position (2.85 GHz), as well as a
second resonance.

(b)

Figure 5.17. Layout (a) and photograph (b) of the designed band-pass filter. Dimensions are: W
=53mm,c=385mm,d=221mm,|=693mm,a=3.1mm,b=34mm,e=2112mm, f=
2.66 mm and g = 1.62 mm. The interdigital capacitors have a width and separation between
fingers of 0.16 mm. The width of the SIR inductive strips are k = 0.2 mm and the width of the
upper strip corresponding to the series inductance is 0.16mm. The device has been fabricated
on the Rogers RO3010 substrate with thickness h = 254 um and dielectric constant & = 10.2.

119



CHAPTER 5 FILTER MINIATURIZATION BASED ON STEPPED IMPEDANCE RESONATORS
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Figure 5.18. Series y and parallel y, reactances of the equivalent T-circuit model of the layout
of Figure 5.17(a) (electromagnetic simulation) and the circuit model of Figure 5.12(b). The
values of the circuit model are: L; = L3 =2.65 nH, C; = C3 =0.25 pF, L, =0.77 nH, C, = 4.06 pF
and C, = 1.11 pF.
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Figure 5.19. Topologies (a)-(c) and frequency responses (d) of different isolated SIRs loading
the CPW structure of the fabricated filter. The dimensions of the topology of Figure 5.19(a) are
those indicated in the caption of Figure 5.17. The modified dimensions of the topology of Figure
5.19(b) are: a = 5.4 mm and b = 2.2 mm. The modified dimensions of the topology of Figure
5.19(c) are: i = 1.37 mm and k = 0.15 mm.
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Figure 5.20. Simulated (a) and measured (b) frequency response of the band-pass filter of
Figure 5.17.

In the same figure, additional SIR responses are shown controlling the second
transmission zero while maintaining the same first resonance (and the L, and C,
values). These responses have been generated by modifying the different metal patch
(Figure 5.19b) or meander (Figure 5.19c) aspect ratios of the initial SIR topology.
These results point out the flexibility of the SIR to tailor the second transmission zero
while maintaining the characteristics of the first resonance. Figure 5.20(a) shows the
frequency response of the layout of Figure 5.17(a), considering the circuit simulation of
Figure 5.12(b) as well as the ideal Chebyshev response. The agreement between the
circuit and electromagnetic simulation is remarkable up to roughly 10 GHz. Above that
frequency, the filter experiences an improved fall-off (as compared to the circuit
simulation) due to the second SIR resonance. The ideal Chebyshev response also
indicates that standard responses can be obtained in the pass-band region improving
both band edges by the introduction of transmission zeros. An additional distributed
resonance appears at roughly 2f,, due mostly to the resonance of the patches. Hence,
the squarer the patches, the farther this resonance appear. Another alternative to
obtain an even higher second harmonic is to use radial stubs instead of rectangular
patches [165].

In Figure 5.20(b) the comparison between the measured frequency response of the
fabricated band-pass filter and the electromagnetic simulation considering losses is
shown, where good agreement between both curves can be appreciated. The
measured in-band return losses are better than 21.6 dB, and insertion losses are lower
than 1.1 dB between 4.9 GHz and 7.6 GHz. In Figure 5.17(b) the photograph of the
filter is also shown. The final layout has dimensions of 6.93 mm x 13.97 mm, which
correspond to 0.22 Ay x 0.45 Ay, with A, being the guided wavelength at the central
frequency of the filter. It is worth noting that this filter is electrically bigger than the
elliptic-function high-pass filter due to the fact that the electrical size of the band-pass
filter is calculated at the central frequency, whereas in the elliptic-function high-pass
filter it is calculated at the cut-off frequency.
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In summary, SIRs coupled to CPW host transmission lines have been proven to be
useful for the design of elliptic low-pass and high-pass, as well as for band-pass filters
with transmission zeros, where a good relation between the electrical size and filter
performance has been obtained.
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CHAPTER 6

Conclusions and future work

In this thesis, new strategies for the miniaturization of planar non-radiating microwave
components have been proposed, and applied to the implementation of multi-band
devices and microwave filters, including tunable components. For this purpose, artificial
transmission lines based on metamaterial concepts and composed of semi-lumped
elements have been considered. These lines provide the design flexibility required to
achieve novel functionalities (multi-band operation) on the basis of impedance and
dispersion engineering. Moreover, by sacrificing periodicity, such lines can be applied
to the design of very compact band-pass filters with standard responses. In addition to
metamaterial-based artificial transmission lines (which constitute the main contribution
of this thesis), we also considered another approach for device miniaturization:
stepped-impedance-resonators (SIRs). Using the conventional filter theory, such
resonators have been applied to the design of compact planar filters with transmission
zeros.
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The contents of this work have been divided into five chapters (excluding the
conclusions). Once the motivation and general objectives were pointed out in chapter
1, the specific objectives and achieved goals of each chapter are listed below:

In chapter 2, a brief general state of the art on the miniaturization of planar non-
radiating passive microwave components has been presented, with special emphasis
on power dividers, couplers and filters, since these are the components that have been
designed in this thesis by means of the novel ideas and generated know-how. The
basic metamaterial concepts have also been introduced, providing all the theory and
tools that were required in the following chapters, including the CRLH transmission line
concept, and the Bloch wave analysis of periodic structures. A review of metamaterial
applications, with special emphasis on planar non-radiating microwave components,
has been also carried out in this chapter.

In chapter 3, a new CRLH transmission line implementation, based on the
combination of OSRRs and OCSRRs in microstrip and CPW technology, was proposed.
To this end, the accurate circuit models of the OSRR- and the OCSRR-loaded lines
(microstrip and CPW) have been deduced. Through these models, it has been found
that these OSRR and OCSRR based atrtificial lines cannot be simply described by
means of the canonical CRLH line model. Parasitics must be introduced, although it
has been numerically and experimentally confirmed that these additional elements do
not prevent the CRLH behavior of the lines, and the advantages of CRLH lines can be
fully exploited. Nonetheless, in microstrip technology these CRLH lines are limited in
terms of design due to the complexity of the OSRR circuit model. For this reason, only
a CRLH line has been designed for this latter case, applying this structure to the design
of a band-pass filter. On the other hand, focusing on CPW technology, different
applications have been demonstrated by designing, fabricating and characterizing
different prototypes, where a synthesis method based on a parameter extraction
technique was also reported.

o Firstly, wideband Chebyshev band-pass filters have been presented, where
fractional bandwidths from 35% to 100% and third to seventh-order filters have
been achieved. The combination of size and performance of these new filters
has been found to be competitive.

e Secondly, impedance and dispersion engineering have been applied to the
design of a dual-band impedance inverter and a power divider as proof-of-
concept demonstrators. The accuracy of the circuit model in predicting the
response and the easy design procedure of these devices (through the
parameter extraction method) are the main advantages in comparison to the
state of the art resonant-type CRLH lines [84], [85].

e By considering additional semi-lumped elements combined with OSRRs and
OCSRRs, fully-planar E-CRLH lines have been also implemented both in
microstrip and CPW technology, avoiding the use of surface mount elements.
Compared to the state of the art E-CRLH lines, accurate circuit models that
predict both the simulated and measured responses have been presented
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(identical for both microstrip and CPW technologies). This enables the
possibility of easily controlling the impedance and phase at different operation
frequencies and, since these E-CRLH lines exhibit more than two alternate
right- and left-handed bands, it is possible to design devices able to satisfy the
requirements or specifications in more than two bands. To demonstrate the
applications of the proposed E-CRLH lines, we have reported the detailed
procedure for the synthesis of quad-band impedance inverters, which are the
building blocks of many microwave components. Through this methodology,
quad-band power splitters and branch line hybrid couplers have been designed
and fabricated. Furthermore, since the E-CRLH line model (unit cell) is identical
to the model of an ideal third-order dual-band band-pass filter, a dual-band
band-pass filter has been also designed. The reported devices, designed to
operate at the commercial GSM and GPS frequency bands to prove their
controllability, exhibit reasonable performance and device dimensions are small
on account of the semi-lumped components used in their implementations.
Therefore, these results show the potentiality of E-CRLH lines in the design of
multi-band microwave components and the possibility of implementing them in
fully planar technology.

Chapter 4 is devoted to the study of tunable CRLH lines based on open particles and
BST thick-films. For this purpose, a tunable arbitrary CRLH line has been designed and
fabricated, where a simulated and measured frequency tunability range of 36.6% has
been achieved. The size, the controllability of the different elements as well as the
simplicity of the biasing scheme (a single voltage is required to tune the whole
structure) are the main advantages of this approach. Once these structures have been
experimentally validated, different potential applications such as tunable wideband
band-pass filters, phase shifters, tunable dual-band impedance inverters and power
dividers have been also analyzed, presenting the design methodology and limitations
for each case, as well as potential topologies and simulations. In order to optimally
implement some of the aforementioned devices, the independent tuning of the OSRR
and OCSRR by means of two voltage sources has been also proposed.

In chapter 5, back side etched SIRs in CPW technology have been considered in
order to obtain compact filters with sharp responses (due to the inherent transmission
zeros of such SIR-loaded CPWSs). By means of the conventional filter theory, novel
CPW elliptic-function low-pass and high-pass filters, as well as band-pass filters with
transmission zeros have been proposed. The deviations from the ideal circuit
responses have been analyzed by including parasitics in the circuit model. The good
agreement between the filter responses and the different circuit models has been
experimentally verified. The combination of filter size and performance (selectivity, in-
band losses and stop-band rejection) has been found to be very promising. These
filters can be of interest in many applications where size reduction, compatibility with
planar technology and high performance are the key aspects.

As a general conclusion, the objectives proposed in the first chapter have been
satisfactorily achieved. With the work and the investigations carried out in this thesis,
we have generated new application-oriented know-how in the field of microwave
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engineering. This work has also contributed to the progress and development of
metamaterial-based microwave components, specifically within the so-called resonant-
type approach, where some limitations present so far have been solved, and novel
functionalities have been demonstrated.

Different future research lines can emerge from this thesis. For instance, additional
microwave components such as dual-band or quad-band rat-race couplers could be
implemented with the open particles by combining the CRLH or E-CRLH lines already
presented with their dual counterpart implementations. In addition, performance
improvement (i.e., losses) of the multi-band components based on the E-CRLH lines
could be optimized by considering different alternatives. For example, a different
technology with an inherent higher quality factor (such as surface integrated waveguide
or SIW) could be considered. Alternatively, the use of impedance inverters to replace
either the series or shunt branch of the E-CRLH line could be analyzed for the design
of dual-band band-pass filters, since its associate quality factor is much higher than
those of the semi-lumped elements. On the other hand, the design methodology of the
E-CRLH lines could be reconsidered by including losses from the circuit level (which
could lead to the need to consider additional resistors to obtain an optimum response).
With this latter method, the conditions of phase and impedance could still be satisfied
in the four bands (or two bands considering the dual-band band-pass filter).
Furthermore, the implementation of a complete dual-band or quad-band transceiver by
means of the components presented herein could also be investigated.

Regarding the tunable CRLH lines, liquid crystals could be studied as an alternative
to BST thick-films, which enables similar results to be obtained although with a lower
level of losses and higher performance. Thus, with this latter technology, the tunability
of E-CRLH lines could be analyzed, making it therefore possible to obtain tunable
multi-band components and filters.

Additional research lines based on metamaterial concepts are also being studied in
the research group GEMMA/CIMITEC to which the author belongs.

e One of these research lines is focused on the implementation of software
tools that enable the automatic synthesis of planar metamaterial microwave
circuits based on aggressive space mapping (ASM). So far, this tool has been
successfully applied to the synthesis of CSRR-based structures, with one of
the aims being to expand its functionality to design open resonator- (OSRR
and OCSRR) based structures by means of the parameter extraction methods
reported herein.

e The design of artificial lines based on lattice networks is also being studied,
which can ideally result in all-pass artificial lines with constant impedances
with frequency. The application of these lines to the design of wideband and
dual-band components is under study. It is our aim to compare the size and
performance with the components designed by means of the approaches
presented in this thesis.
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o Finally, CSRRs have also been used for the implementation of differential
transmission lines with common-mode suppression, maintaining the
differential signal integrity thanks to the symmetry of the structure. This
research activity is very promising for applications in high speed digital circuits,
where differential lines are required. The CSRR-based common mode filters
designed so far are competitive, and it is our purpose to implement differential
filters (combined with the CSRR common mode filters) based on the open
resonators and filters reported in this thesis.
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Appendix A

Parameter extraction method

The parameters of the circuit model of a CPW line loaded with series OSRR such as
the one shown in Figure 3.5(b) can be extracted from the electromagnetic simulation of
the structure following a straightforward procedure. From the intercept of the return
losses with the unit conductance circle in the Smith chart, we can directly infer the
value of the shunt capacitance according to

Yians=0 =Y, +jw2C (A1)
B = 2CUJ|ZS=0 (A2)
C= 5 A.3
2wz, =0 (A-3)

where B is the susceptance in the intercept point. The frequency at this intercept point
is the resonance frequency of the series branch
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1

2 —
o= 5
S sks

w (A.4)

To determine the two element values of this branch, another condition is needed.
This condition comes from the fact that at the reflection zero frequency w, (maximum
transmission) the Bloch impedance of the structure is Z,. Thus, by forcing the m-circuit
model Bloch impedance of equation (2.21) to Z, the second condition results. By
inverting equations (A.4) and (2.21), we can determine the element values of the series
branch, leading to the following conditions

c—[wzz 1]{ ! +C} (A5)
5wz, - 27Z,2w,2C 2 '

(A.6)

The parameters of the circuit model of a CPW line loaded with shunt OCSRRs such
as the one shown in Figure 3.7(c) can be extracted following a similar procedure. In
this case, the intercept of the return losses with the unit resistance circle in the Smith
chart gives the value of the series inductance

X

L=—2
zwlzp—wo

(A.7)

where y is the reactance at the intercept point. The shunt branch resonates at this
frequency, that is

1

2 =
— L',C'y

(A.8)

Then, at the reflection zero frequency (w,), the characteristic impedance, given by
(2.20) must be forced to be Z,. From these two latter conditions, we finally obtain

N S | - (A.9)
P W?|z, 00 2w,2C 2 '

1

M P (10
P p

and the values are univocally determined.

Finally, the parameters of the wideband circuit model of a CPW line loaded with
OCSRRs such as the one shown in Figure 3.9(a) can be extracted by applying the
same above conditions (but considering the different shunt impedance). Hence,
equation (A.7) still applies. In addition, since there is an extra parameter, another
condition is required, considering in this case the point at which the electrical length gl
is 90°. At such frequency, considering equation (2.16), the following impedance relation
results
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Zs(w)l,Bl= 90° = _Zp(w)lﬁlz 90° (All)

Therefore, adding this condition to the system, the following parameters are obtained

<w2|Zp_’°° B w2|.3/ =90°) (wzz B w2|Zp—>00> (wZZLz - 202)

= (A.12)
2Lw2|Zp_,oow22(w22 — w2|ﬁ,: 900)
1
Cor=——""+ A.13
p w2|Zp—>ooLp ( )
2
Lw |BI=90° L
w2|z —00 P
sh = P 5 (A.14)
1 Y |1 = 900
Wz
P>

being thus all the values univocally determined again.
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Appendix B

Abbreviations and acronyms

ASM
ASR
BST
CPW
CSR
CSRR
CRLH
DBR
DC
D-CRLH
EBG
E-CRLH
EM

FoM
GSM

Aggressive space mapping
Archimedean spiral resonator
Barium-strontium-titanate

Coplanar waveguide
Complementary spiral resonator
Complementary split ring resonator
Composite right-/left-handed
Dual-behavior resonators

Direct current

Dual- composite right-/left-handed
Electromagnetic band gap
Extended-composite right-/left-handed
Electromagnetic

Figure of merit

Global system for maobile
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GPS
HLW

IL

LCP

LH
LTTC
MEMS
MIC
MMIC
NB-SRR
OCSRR
OSRR
RF

RH

RL

SMT
SIR
SIW

SR
SRR
VLSRR
VLCSRR
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Global positioning system

Homogeneity and long wavelength
Insertion losses

Liquid crystal polymer

Left-handed

Low-temperature co-fired ceramic
Micro-electro-mechanical systems
Microwave integrated circuits

Monolithic microwave integrated circuits
Non-bianisotropic split ring resonator
Open complementary split ring resonator
Open split ring resonator

Radio frequency

Right-handed

Return losses

Surface mount technology
Stepped-impedance-resonator

Surface integrated waveguide

Spiral resonator

Split ring resonator

Varactor-loaded split ring resonator
Varactor-loaded complementary split ring resonator
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